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ABSTRACT 
Inverters are widely used in photovoltaic (PV) based power generation systems. Most of these 
systems have been based on medium to high power string inverters. Microinverters are gaining 
popularity over their string inverter counterparts in PV based power generation systems due to 
maximized energy harvesting, high system reliability, modularity, and simple installation. They 
can be deployed on commercial buildings, residential rooftops, electric poles, etc and have a huge 
potential market. Emerging trend in power electronics is to increase power density and efficiency 
while reducing cost. A powerful tool to achieve these objectives is the development of an advanced 
control system for power electronics.  
In low power applications such as solar microinverters, increasing the switching frequency can 
reduce the size of passive components resulting in higher power density. However, switching 
losses and electromagnetic interference (EMI) may increase as a consequence of higher switching 
frequency. Soft switching techniques have been proposed to overcome these issues.  
This dissertation presents several innovative control techniques which are used to increase 
efficiency and power density while reducing cost. Dynamic dead time optimization and dual zone 
modulation techniques have been proposed in this dissertation to significantly improve the 
microinverter efficiency. In dynamic dead time optimization technique, pulse width modulation 
(PWM) dead times are dynamically adjusted as a function of load current to minimize MOSFET 
body diode conduction time which reduces power dissipation. This control method also improves 
total harmonic distortion (THD) of the inverter output current. To further improve the 
microinverter efficiency, a dual-zone modulation has been proposed which introduces one more 
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soft-switching transition and lower inductor peak current compared to the other boundary 
conduction mode (BCM) modulation methods. 
In addition, an advanced DC link voltage control has been proposed to increase the microinverter 
power density. This concept minimizes the storage capacitance by allowing greater voltage ripple 
on the DC link. Therefore, the microinverter reliability can be significantly increased by replacing 
electrolytic capacitors with film capacitors. These control techniques can be readily implemented 
on any inverter, motor controller, or switching power amplifier. Since there is no circuit 
modification involved in implementation of these control techniques and can be easily added to 
existing controller firmware, it will be very attractive to any potential licensees. 
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CHAPTER 1. INTRODUCTION 
1.1 Background and Challenges 
Among renewable energy sources, solar energy has gained considerable attention in recent years 
[1], [2]. In order to convert this source of energy into electricity and inject it into the utility grid, 
power converters with high efficiency and power density need to be developed. There are three 
basic architectures for photovoltaic (PV) solar systems; centralized inverter, string inverter and 
microinverter. PV microinverter architecture is the fastest growing technology due to its 
advantages such as enhanced energy harvesting, high reliability, and simple installation. 
Microinverters with typical power levels from 200 W to 400 W can be directly mounted on the 
back of the PV panels.  
Emerging trend in power electronics is to increase power density and efficiency of the 
microinverters while reducing cost. Employing high switching frequency and soft switching 
techniques reduce cost by reducing the size of passive components and improve efficiency by 
decreasing switching losses. Soft switching can be improved by minimizing MOSFET body diode 
conduction time. In order to achieve high power conversion efficiency and power density, a 
comprehensive investigation and research have been conducted on new topologies and control 
techniques. 
1.2 Microinverter Efficiency Improvement using Dead Time Optimization 
Figure 1-1 depicts a single-phase half-bridge inverter with a controller providing duty cycles and 
dead times for the MOSFETs. The inverter MOSFET gates are driven by alternating PWM signals 
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so that when one MOSFET is on, the other is off. Dead time is the state where both MOSFETs are 
off and one MOSFET’s body diode is conducting. Since body diode conduction losses are higher 
than MOSFET conduction losses, efficiency is maximized when body diode conduction time is 
small. Body diode conduction time is directly proportional to dead time, therefore it is 
advantageous to select a dead time value that minimizes body diode conduction time without 
resulting in shoot-through current. 
 
Figure 1-1: Single-phase half-bridge inverter with the corresponding controller. 
Excessive dead time can also have a negative impact on inverter efficiency especially at higher 
operating frequencies where it is a large percentage of the conduction time.  
Typically, a fixed dead time is determined based on the worst-case operating conditions such as 
load, voltage and temperature variations. The body diode conduction loss can be approximated as 
follows: 
𝑃𝑙𝑜𝑠𝑠,𝐵𝐷 ≈ 𝑉𝐷𝑆. 𝐼𝐿 . (𝑡𝑑1 + 𝑡𝑑2). 𝑓𝑠𝑤                                            ( 1-1 ) 
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where, VDS is drain to source voltage or the diode forward voltage drop, IL is inductor current 
during the dead times, td1 and td2 are turn-on and turn-off dead times, respectively and fsw is 
switching frequency. Referring to equation (1-1), it can be seen that excessive dead time increases 
the body diode conduction loss due to the diode’s forward voltage drop. 
A number of research papers on PWM dead time optimization for various buck derived topologies 
have been published [3]-[13]. 
Switching current sensing was proposed in [3] for buck converters to measure the current flowing 
through the synchronous MOSFET and detect shoot-through current. When shoot-through occurs, 
the dead times must be increased. However, this method requires high bandwidth sensors for 
current measurement which makes its implementation difficult and adds cost. 
Switching voltage sensing is sub-divided into the adaptive [4]-[6] and predictive [7]-[9] types. 
Adaptive control measures the switching voltage across the synchronous rectifier and adjusts the 
dead times accordingly. Predictive control uses the information from the previous switching cycle 
to adjust the dead times in the current cycle. Although the experimental results show a significant 
reduction in body diode losses, these control methods require additional circuit components which 
drive cost up and decrease reliability. Therefore, sensorless optimization methods have been 
proposed that do not require additional components. 
Sensorless dead time optimization for dc-dc converters was proposed in [10] based on maximum 
power point tracking (MPPT). This method optimizes the dead time by indirectly measuring the 
efficiency of the converter. Another sensorless dead time optimization method proposed in [11] 
optimizes the efficiency by minimizing the duty cycle in dc-dc converters. This method is able to 
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optimize both turn-on and turn-off dead times. A perturb and observe algorithm (P&O) was 
proposed in [12] to detect dead time resulting in maximum efficiency. 
Several methods have been proposed to overcome the dead time issues in inverters. A correlation-
based control technique was introduced in [13] to optimize dead time in motor drive inverters. The 
algorithm dynamically minimizes the input current resulting in minimum power loss. The 
technique proposed in [14] compensates for the effect of dead time by adjusting the switching 
frequency in sinusoidal pulse-width-modulated voltage-source inverters. Another dead time 
compensation method was presented in [15] based on harmonic analysis and filtering of the voltage 
distortion produced by dead time effects by adding a predetermined compensation signal to the 
voltage reference in ac motor drives. However, this method requires extra components which 
increases the cost and circuit complexity. 
The method introduced in [16] improves THD and the magnitude of the inverter output voltage by 
preventing the unnecessary dead time. Another switching strategy for PWM power converters was 
proposed in [17] on the basis of using independent on/off switching action according to the current 
polarity. As long as the current polarity does not change, the dead time is not needed. These 
methods can be affected by detection circuit delay, harmonics and A/D converter errors. 
A dynamic dead time optimization technique is proposed and will be discussed in the next chapter 
of this dissertation wherein the PWM dead times are calculated by sensing the grid voltage which 
is also used for duty cycle calculation. 
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1.3 Boundary Conduction Mode Soft-Switching Techniques 
In most soft-switching techniques, resonant circuits or auxiliary components are used to achieve 
zero voltage switching (ZVS) or zero current switching (ZCS). These additional auxiliary 
components and switches will reduce reliability and add cost to the inverter design. These 
techniques can be basically classified into dc-side and ac-side topologies.  
In dc-side topologies, the auxiliary circuits are placed between the input dc power supply and main 
bridges. One-switch clamped resonant DC link [18], passive clamped using the couple inductors 
[19], and one-switch resonant inverter [20], [21] have been proposed to achieve soft switching. 
However, these topologies suffer from voltage stress and reliability issues. Parallel resonant DC 
link techniques have been proposed in [22], [23] which require large active component count.  
AC-side topologies are used for high-power applications where the auxiliary circuits are placed on 
the ac side of the main power bridge. These techniques are classified into zero-voltage transition 
(ZVT) and zero-current transition (ZCT). Topologies such as ZVT inverter with coupled inductor 
feedback [24], [25] and three auxiliary switches [26], [27] have been proposed in this category. 
However, they are not suitable for practical implementation due to their circuit and control 
complexity. ZCT topologies are typically used in high-power inverters where diode reverse 
recovery and turn-off losses are dominant. ZCT inverter topologies with three [28] and six [29]-
[31] auxiliary switches have been introduced which maintain low voltage stress across diodes and 
switches. However, cost, control and circuit complexity are the main disadvantages. 
The above mentioned soft-switching techniques require additional components and auxiliary 
devices which reduce reliability and add cost and control complexity to the inverter design. 
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To solve these issues, several boundary conduction mode (BCM) modulation methods have been 
proposed that can achieve soft switching without the need for additional components or analog 
circuits.  
ZVS BCM peak current control is a promising soft switching candidate for low power applications 
where the switching losses are usually dominant [32]-[34]. For this purpose, three different peak 
current mode control methods have been introduced in [35]: BCM with fixed reverse current, BCM 
with variable reverse current, and BCM with fixed bandwidth. In these modulation methods, the 
inductor current is bidirectional during switching cycle to achieve turn-on ZVS. Although BCM 
control results in increased rms current, conduction losses and core losses when compared to 
continuous-conduction mode (CCM), switching losses are greatly reduced. 
Figure 1-2 shows these three BCM modulation methods where the inductor current is reversed 
during each switching cycle to achieve turn-on ZVS for each switch. 
 
(a)                                               (b)                                                  (c) 
Figure 1-2: Three ZVS BCM modulation methods: (a) fixed reverse current, (b) variable reverse 
current, (c) fixed band width. 
In order to further improve efficiency, a new BCM modulation technique is proposed in this 
dissertation that introduces one more soft-switching transition and lower inductor peak current 
compared to the three mentioned BCM modulation methods. 
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1.4 DC Link Voltage Control Techniques 
Figure 1-3 shows a common two-stage microinverter topology. This topology which connects the 
PV panel to the grid consists of a DC/DC converter and a DC/AC inverter along with a decoupling 
(DC link) capacitor in between the two stages. Typically, the first stage provides a maximum 
power point tracking (MPPT) function for the PV panel and boosts its low voltage to a constant 
DC link voltage. 
 
Figure 1-3: Two-stage microinverter topology. 
Figure 1-4 shows a typical DC link voltage control system. In a two-stage microinverter, the DC 
link voltage control continually senses the DC link voltage and compares it with an average voltage 
reference so that the compensator loop regulates the inverter output current accordingly. Presence 
of large voltage ripple on the DC link capacitor introduces large ripples in the DC link voltage 
sense path to the controller and consequently in the inverter output current if it is not filtered by 
the DC link voltage control loop. There exists two approaches in order to mitigate this effect: 1) 
Large values of DC link capacitors are often employed to attenuate DC link voltage ripple. This 
requires the use of electrolytic capacitors that suffer from limited lifetime and poor reliability, or 
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high value polypropylene film capacitors that are expensive and bulky which reduces power 
density and increases cost. 2) An alternative method is to use analog or digital filters to attenuate 
harmonic distortion in the inverter output current caused by the DC link voltage ripple. In the case 
of high peak-to-peak voltage ripple on the DC link, an analog filter requires a very high attenuation 
at low frequencies which results in lower loop bandwidth. Therefore, an analog low-pass filter 
placed in the DC link voltage sense path will exhibit poor transient response as well as adding cost 
to the design. Digital low-pass filters of varying complexity have also been proposed in order to 
mitigate the harmonic content in the error signal [36]-[39]. These filters provide some 
improvement but increase complexity and computation time, and are unable to eliminate all of the 
harmonic content.  
 
Figure 1-4: Typical DC link voltage control system. 
Various DC link voltage control techniques have been proposed to mitigate the effect of DC link 
voltage ripple. Figure 1-5 shows the DC link voltage control using a digital finite impulse response 
(FIR) filter proposed in [36]. A digital FIR filter is used in [36] to sample the DC link voltage at a 
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low-frequency rate and then calculate the average voltage in order to reduce output current 
harmonics. However, the controller response to even small power transients is quite slow. 
 
Figure 1-5: DC link voltage control using a digital finite impulse response (FIR) filter [36]. 
Figure 1-6 shows another technique to reduce the effect of DC link voltage ripple on the inverter 
output current [37]. This technique uses a digital current regulator to filter harmonics caused by 
the DC link voltage ripple. However, the voltage loop cutoff frequency is low which degrades the 
system dynamic performance. 
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Figure 1-6: Control method proposed by Brekken et al. [37]. 
Figure 1-7 shows voltage ripple estimation method proposed by Ninad and Lopes [38]. In an effort 
to mitigate the effect of DC link voltage ripple on the inverter output current, voltage ripple is 
estimated to be added to the DC link reference voltage. The result will then be compared with the 
measured DC link voltage to be fed to the loop compensator. Another predictive control method 
was proposed in [39] based on power balance and the relationship between energy and DC 
capacitor voltage to filter the DC link voltage ripple. In these techniques [38], [39], accuracy and 
computation time will suffer. 
 
Figure 1-7: Voltage ripple estimation method proposed by Ninad and Lopes [38]. 
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A coupled inductor filter is presented in [40] to eliminate a specific frequency from the output of 
a DC/DC converter which adds ciricuit component and cost to the design. A control loop 
compensator is proposed in [41] and [42] to minimize the output harmonics using a high-order 
filter with low-frequency poles and zeros which increases complexity and computation time. A 
third ripple port in a single-phase inverter is presented in [43] to cancel the DC link voltage ripple 
using a small capacitor which requires additional circuit components. 
In this dissertation, a PLL-synchronized DC link voltage control is proposed to tightly regulate the 
DC link voltage regardless of large voltage ripple without the need for analog or digital filters. 
1.5 Research Motivation and Objective 
The objective of this dissertation is to improve the microinverter efficiency and power density by 
developing advanced control techniques without the need for additional components and analog 
circuits. Therefore, the development targets can be summarized as follows: 
• To employ dead time optimization without any additional circuit components 
• To implement soft switching technique in digital controller firmware 
• To achieve more than 96% efficiency in the inverter stage 
• To increase the microinverter system’s lifespan to more than 20 years 
• To increase the microinverter power density more than 12 W/in3 
With this in mind, the research objectives of this dissertation are summarized as follows: 
• To develop a dynamic dead time optimization technique and implement it in the inverter 
digital controller firmware 
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• To improve total harmonic distortion of the inverter output current caused by dead time 
• To optimize the boundaries of BCM modulation methods and develop a new soft-switching 
modulation technique for further efficiency improvement 
• To develop a new DC link voltage control that allows higher voltage ripple and increases 
power density 
• To increase the microinverter reliability by replacing electrolytic capacitors with film 
capacitors 
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CHAPTER 2. DYNAMIC DEAD TIME OPTIMIZATION 
2.1 Introduction 
This chapter introduces two efficiency improvement techniques for a grid-tied micro-inverter with 
current mode control zero voltage switching (ZVS) output stages. The first technique is dynamic 
dead time optimization wherein PWM dead times are dynamically adjusted as a function of load 
current. The second method is advanced phase-skipping control which maximizes inverter 
efficiency by controlling power on individual phases depending on the available input power from 
the PV source. Neither of the techniques require any additional circuit components and both can 
be easily implemented in digital controller firmware. The two techniques were designed and 
implemented in a 400W three-phase micro-inverter prototype and the experimental results validate 
the theoretical analysis of these techniques and demonstrate that a significant efficiency 
improvement can be achieved.  
2.2 ZVS Boundary Conduction Mode Current Control of Three-Phase Grid-Tied Inverter 
Figure 2-1 depicts a standard three-phase half-bridge grid-tied inverter. MOSFET body diodes and 
parasitic capacitors play an important role when implementing ZVS in an inverter output stage. In 
order to achieve ZVS, the bidirectional current flow discharges the MOSFET parasitic capacitor 
and then the body diode conducts prior to each switching transition to apply zero voltage across 
the MOSFET. 
Although the three phases operate independently, it can be assumed that the system is balanced. 
Therefore, the analysis can be performed on one of the three phases. In order to simplify the 
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analysis of the inverter stage, steady state operation is assumed with the output voltage equal to 
the grid voltage. The output voltage is considered to be constant during one switching period of 
the output stage due to the large difference between the inverter switching frequency and the grid 
frequency. 
 
 
Figure 2-1: Three-phase half-bridge inverter. 
Interval 1 (t1-t3): In this interval, as shown in Figures 2-2 and 2-3, the upper switch (S1) is on while 
the lower switch (S2) is off. Since voltage across the inductor is positive, the inductor current is 
linearly increasing. The inductor current can be calculated as follows: 
𝑖𝐿(𝑡) =
𝑉𝑑𝑐 2⁄ −𝑉𝑎𝑐
𝐿
𝑡 + 𝑖𝐿(𝑡1)                                           ( 2-1 ) 
Interval 2 (t3-t4): In this interval, the inductor current reaches the upper limit and then the upper 
switch (S1) is turned off. As shown in Figure 2-2, both switches are off and the parasitic capacitors 
of the MOSFETs S1 and S2 are being respectively charged and discharged by the inductor current. 
This interval is the resonant interval, and the inductor current and parasitic capacitors voltage can 
be calculated as follows: 
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{
 
 
 
 
 
 𝑖𝐿(𝑡) =
𝑉𝑑𝑐 2⁄ −𝑉𝑎𝑐
𝑍𝑜
𝑠𝑖𝑛𝜔𝑜(𝑡 − 𝑡3) + 𝑖𝐿(𝑡3)𝑐𝑜𝑠𝜔𝑜(𝑡 − 𝑡3)
1
𝑉𝐶𝑆1(𝑡) = (𝑉𝑑𝑐 2⁄ − 𝑉𝑎𝑐) + 𝑖𝐿(𝑡3)𝑍𝑜𝑠𝑖𝑛𝜔𝑜(𝑡 − 𝑡3)               
−(𝑉𝑑𝑐 2⁄ − 𝑉𝑎𝑐)𝑐𝑜𝑠𝜔𝑜(𝑡 − 𝑡3) 
1
𝑉𝐶𝑆2(𝑡) = (𝑉𝑑𝑐 2⁄ + 𝑉𝑎𝑐) − 𝑖𝐿(𝑡3)𝑍𝑜𝑠𝑖𝑛𝜔𝑜(𝑡 − 𝑡3)               
+(𝑉𝑑𝑐 2⁄ − 𝑉𝑎𝑐)𝑐𝑜𝑠𝜔𝑜(𝑡 − 𝑡3)
                       ( 2-2 ) 
  
where, ωo, the natural resonant frequency, and Zo, the characteristic impedance of the resonant 
tank are respectively defined as follows: 
{
 
 
 
 𝜔0 =
1
√𝐿. 2𝐶
⁄
𝑍0 = √
𝐿
2𝐶⁄     
𝐶𝑠1 = 𝐶𝑠2 = 𝐶
                                                      ( 2-3 ) 
 
Figure 2-2: Operating intervals of a single-phase half-bridge inverter. 
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Figure 2-3: Inductor current and driving signals for BCM ZVS current control. 
Interval 3 (t4-t6): In this interval, as soon as the parasitic capacitors of the MOSFETs S1 and S2 are 
fully charged and discharged respectively and the voltage on C2 is zero, the body diode of 
MOSFET S2 (D2) starts conducting at t4. Therefore, zero voltage is applied across MOSFET S2 
and it is ready to be turned on under ZVS condition. At t5, the lower switch (S2) turns on and the 
inductor current flowing through the body diode is transferred to the switch (S2).  
During this interval, since voltage across the inductor is negative, the inductor current is linearly 
decreasing and can be approximated as follows: 
𝑖𝐿(𝑡) =
−𝑉𝑑𝑐 2⁄ −𝑉𝑎𝑐
𝐿
𝑡 + 𝑖𝐿(𝑡4)                                         ( 2-4 ) 
For ZVS boundary conduction mode (BCM) control implementation, the upper and lower 
boundaries of the inductor current need to be determined so that the inverter injects only AC 
current to the grid. Therefore, the average output current must be equal to the reference current 
during each switching cycle. 
There are three possible inductor current modulation methods satisfying this requirement: BCM 
with fixed reverse current, BCM with variable reverse current, and BCM with fixed bandwidth.  
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Figure 2-4 depicts the upper and lower boundaries of BCM with fixed reverse current modulation 
along with the average inductor current. For the positive half cycle, the upper boundary is 
determined so that the average current is equal to the reference current during each switching cycle, 
while the lower boundary provides the reverse current to discharge the MOSFET parasitic 
capacitors in order to achieve ZVS during each switching period. 
 
Figure 2-4: Upper and lower boundaries for BCM ZVS current control with fixed reverse 
current. 
Similarly, for the negative half cycle, the upper limit provides ZVS for the MOSFETs and the 
lower limit produces the reference current. It can be seen that the average current is equal to the 
reference current. The upper and lower boundaries for this inductor current modulation can be 
calculated as follows: 
{
𝐼𝑢𝑝𝑝𝑒𝑟 = 2𝐼𝑅𝐸𝐹 sin(𝜔𝑡) + 𝐼𝑜
𝐼𝑙𝑜𝑤𝑒𝑟 = −𝐼𝑜                            
     , if sin (𝜔𝑡) ≥ 0 
      ( 2-5 ) 
{
𝐼𝑢𝑝𝑝𝑒𝑟 = 𝐼𝑜                               
𝐼𝑙𝑜𝑤𝑒𝑟 = 2𝐼𝑅𝐸𝐹 sin(𝜔𝑡) − 𝐼𝑜
      , if sin (𝜔𝑡) < 0 
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where, Io is the reverse current for achieving ZVS and IREF is the reference peak current. It should 
be noted that IREF is a function of the available input power and Io selection criteria are addressed 
in [44]. 
Referring to Figure 2-4, during the time where the inductor current transitions from positive to 
negative on positive half cycles and from negative to positive on negative half cycles, ZVS is 
realized. The power dissipation during this interval is a function of the amount of time that the 
ZVS MOSFET’s body diode is conducting. This time is determined by the amount of fixed dead 
time provided by the controller. 
With fixed dead time control, a constant value of dead time is applied for both turn-on and turn-
off transitions throughout the entire grid cycle. The dead times must be long enough to achieve 
ZVS by allowing the inductor current to fully charge and discharge the MOSFET parasitic 
capacitors. The required dead time can be calculated as follows: 
𝑡𝑑 =
2𝐶𝑉𝑑𝑐
𝐼𝑜
                                                                        ( 2-6 ) 
where, C is the MOSFET parasitic capacitors, Vdc is the voltage on the MOSFET parasitic 
capacitors and Io is the minimum worst-case reverse inductor current. 
2.3 Proposed Dynamic Dead Time Optimization 
The dead time interval consists of the resonant interval and the body diode conduction time. 
Dynamic Dead Time Optimization minimizes the MOSFET’s body diode conduction time during 
the dead time interval [45]. The resonant intervals (t3-t4) and (t7-t8) are shown in Figure 2-5(a) and 
(b), respectively. During the first resonant interval (t3-t4), turn-on dead time, the MOSFETs 
parasitic capacitance voltage can be calculated as follows: 
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{
 
 
 
 𝑉𝐶𝑆1(𝑡) = (𝑉𝑑𝑐 2⁄ − 𝑉𝑎𝑐)  − (𝑉𝑑𝑐 2⁄ − 𝑉𝑎𝑐)𝑐𝑜𝑠𝜔𝑜(𝑡 − 𝑡3)
+𝑍𝑜 . 𝐼𝑢𝑝𝑝𝑒𝑟𝑠𝑖𝑛𝜔𝑜(𝑡 − 𝑡3)
𝑉𝐶𝑆2(𝑡) = (𝑉𝑑𝑐 2⁄ + 𝑉𝑎𝑐) + (𝑉𝑑𝑐 2⁄ − 𝑉𝑎𝑐)𝑐𝑜𝑠𝜔𝑜(𝑡 − 𝑡3)
−𝑍𝑜 . 𝐼𝑢𝑝𝑝𝑒𝑟𝑠𝑖𝑛𝜔𝑜(𝑡 − 𝑡3)
               ( 2-7 )                             
 
(a) 
 
(b) 
Figure 2-5: ZVS dead time resonant intervals: (a) turn-on dead time interval (td1), (b) turn-off 
dead time interval (td2). 
Similarly, during the second resonant interval (t7-t8), turn-off dead time, the MOSFETs parasitic 
capacitance voltage can be determined as follows: 
{
 
 
𝑉𝐶𝑆1(𝑡) = (𝑉𝑑𝑐 2⁄ − 𝑉𝑎𝑐) + (𝑉𝑑𝑐 2⁄ + 𝑉𝑎𝑐)𝑐𝑜𝑠𝜔𝑜(𝑡 − 𝑡7)
+𝑍𝑜 . 𝐼𝑙𝑜𝑤𝑒𝑟𝑠𝑖𝑛𝜔𝑜(𝑡 − 𝑡7)
𝑉𝐶𝑆2(𝑡) = (𝑉𝑑𝑐 2⁄ + 𝑉𝑎𝑐) − (𝑉𝑑𝑐 2⁄ + 𝑉𝑎𝑐)𝑐𝑜𝑠𝜔𝑜(𝑡 − 𝑡7)
−𝑍𝑜 . 𝐼𝑙𝑜𝑤𝑒𝑟𝑠𝑖𝑛𝜔𝑜(𝑡 − 𝑡7)
                    ( 2-8 ) 
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Referring to Figure 2-5, if the voltage at the switch node ‘a’ is known, the voltage on the MOSFET 
parasitic capacitors can be determined. The switch node voltage 𝑉𝑎𝑁(𝑡) during dead time is given 
by 
𝑉𝑎𝑁(𝑡) = 𝑉𝑑𝑐 2⁄ − 𝑉𝐶𝑆1(𝑡) = 𝑉𝐶𝑆2(𝑡) − 𝑉𝑑𝑐 2                                  ⁄ ( 2-9 ) 
Using equations (2-7), (2-8) and (2-9), the switch node voltages, 𝑉𝑎𝑁1(𝑡) and 𝑉𝑎𝑁2(𝑡), during the 
turn-on dead time (td1) and turn-off dead time (td2) can be calculated as follows, respectively: 
𝑉𝑎𝑁1(𝑡) = 𝑉𝑎𝑐 + (
𝑉𝑑𝑐
2
− 𝑉𝑎𝑐) 𝑐𝑜𝑠𝜔𝑜(𝑡𝑑1) − 𝑍𝑜 . 𝐼𝑢𝑝𝑝𝑒𝑟𝑠𝑖𝑛𝜔𝑜(𝑡𝑑1)                             ( 2-10 ) 
𝑉𝑎𝑁2(𝑡) = 𝑉𝑎𝑐 − (
𝑉𝑑𝑐
2
+ 𝑉𝑎𝑐) 𝑐𝑜𝑠𝜔𝑜(𝑡𝑑2) − 𝑍𝑜 . 𝐼𝑙𝑜𝑤𝑒𝑟𝑠𝑖𝑛𝜔𝑜(𝑡𝑑2)                             ( 2-11 ) 
where, td1 and td2 are t4-t3 and t8-t7, respectively. 
2.4 Effects of Circuit Component Nonlinearities 
Device parasitic capacitances are inherent due to semiconductor physics and have a nonlinear 
nature. These nonlinear capacitances have a negative impact on switching transition times and 
therefore on switching loss. A nonlinear capacitor can be modeled by a linear equivalent [46], [47] 
or circuit simulators [48], [49].  
During each resonant interval, the MOSFET parasitic capacitance voltage (VCS) transitions from 0 
V to Vdc or vice versa depending on the switching edge. For example, in Figure 2-5(a), the upper 
MOSFET’s parasitic capacitor voltage (VCS1(t)) transitions from 0 V to Vdc, while VCS2(t) 
transitions from Vdc to 0 V. VCS1(t) and VCS2(t) are defined by equation (2-7). During these 
transition times, the MOSFET parasitic capacitance varies with the value of VCS1(t) and VCS2(t). 
This capacitance can be expressed as 
𝐶𝑂𝑆𝑆 = 𝐶𝑂𝑆𝑆(𝑉𝑑𝑠)                                                                ( 2-12 ) 
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Therefore, the definition from (2-3) can be rewritten as follows: 
{
 
 
 
 𝜔0 =
1
√𝐿. 2𝐶𝑂𝑆𝑆(𝑉𝑑𝑠)
⁄
𝑍0 = √
𝐿
2𝐶𝑂𝑆𝑆(𝑉𝑑𝑠)
⁄     
𝐶𝑠1 = 𝐶𝑠2 = 𝐶𝑂𝑆𝑆(𝑉𝑑𝑠)
                                                  ( 2-13 ) 
Figure 2-6 demonstrates the variation in COSS for a Fairchild FCB20N60F MOSFET extracted 
from the device datasheet and fitted to a curve using discrete data points. Referring to the figure, 
the value of the capacitance drastically drops when Vds increases from 0 V to 50 V, whereas it has 
a relatively constant value for voltages greater than 50 V.  
The nonlinear nature of the MOSFET output capacitance has been taken into account in computing 
optimum dead times in equations (2-10) and (2-11). In both simulated and experimental results, 
the DC link voltage was set at 400 V. Therefore, the nonlinear voltage dependent capacitance must 
be charged and discharged from 0 V to 400 V. 
 
Figure 2-6: Coss versus Drain Source voltage for Fairchild FCB20N60F MOSFET. 
Virtually all inductors used in power filter circuits exhibit a decrease in inductance with increasing 
current. This inductance decrease is often nonlinear and varies with core material and magnetic 
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circuit structure. Figure 2-7 shows the inductance versus DC current for a 270 µH, 4 A gapped 
ferrite inductor.  
 
Figure 2-7: Inductance versus DC current for a gapped ferrite inductor. 
Figure 2-8 shows Zo versus dead time at peak current and full load with both fixed and variable 
inductance values. It can be seen in the figure that a varying inductance value has a minimal effect 
on the value of Zo and consequently from equations (2-10) and (2-11) an insignificant effect on 
dead time when compared to the effect of the nonlinear parasitic capacitance of a MOSFET. 
 
Figure 2-8: Z0 versus dead time at full load (Peak current). 
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Optimum dead time is calculated for each switching cycle iteratively as opposed to fixed dead time 
where one dead time value would be selected for all operating points. Equations (2-10) and (2-11) 
were implemented in MATLAB. td1 and td2 were incremented in one nano second steps to yield a 
range of optimum dead time values for switch node voltages between +200 V and -200 V for each 
switching cycle. Figure 2-9 shows optimum dead times calculated using equations (2-10) and (2-
11) during positive and negative half cycles for the 400-W three-phase micro-inverter prototype 
operating at full load, given the fact that 𝑉𝑎𝑁1(𝑡) transitions from 𝑉𝑑𝑐 2⁄  to −𝑉𝑑𝑐 2⁄  and 𝑉𝑎𝑁2(𝑡) 
transitions from −𝑉𝑑𝑐 2⁄  to 𝑉𝑑𝑐 2⁄ . The fixed dead time for this prototype was set at 530 ns for 
both turn-on and turn-off transitions. The MOSFETs used are Fairchild FCB20N60F with Vdc=400 
V and a 270 µH gapped ferrite output filter inductor. 
 
Figure 2-9: Optimum dead time versus fixed dead time at full load. 
For positive half cycles, the optimum turn-on dead time (td1) varies with changes in output current 
due to the fact that the upper boundary in BCM is sinusoidal, while the optimum turn-off dead 
time (td2) varies only slightly with load variations due to the fixed reverse current in BCM 
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modulation. Similarly, during negative half cycles, td1 varies slightly and td2 changes with output 
current. 
 
2.5 Simulation Results 
In order to verify the proposed Dynamic Dead Time Optimization technique, Linear Technology’s 
LTspice simulation software was used to simulate a half-bridge single-phase 130W inverter 
operating with BCM ZVS current control. The simulation circuit parameters are as follows: DC 
bus voltage 400 V, AC grid voltage 120 V rms, 60 Hz, inductor value 270 µH and switching 
frequency range 20-185 kHz. The high frequency current in the filter inductor with 60 Hz 
modulation is shown in Figure 2-10. 
 
 
Figure 2-10: Inductor current with BCM current control and fixed reverse current. 
Figure 2-11 shows filter inductor current, MOSFET gate drive voltages and switch node voltage 
(VaN) with a fixed turn-on and turn-off dead time of 300 ns at the peak of the grid current. 
The simulation waveforms in Figure 2-12 depict how Dynamic Dead Time Optimization 
independently changes the gate drive turn-on and turn-off dead time. Once the MOSFET parasitic 
25 
 
capacitors are fully charged/discharged, the dynamic dead time optimization controller enables the 
gate drive, thereby minimizing MOSFET body diode conduction time. 
 
Figure 2-11: Fixed dead time gate drive, inductor current and switch node voltage. 
 
Figure 2-12: Dead times with Dynamic Dead Time Optimization. 
2.6 Advanced Phase Skipping Control 
In three-phase inverters and microinverters, it is advantageous to operate at or close to rated power 
where efficiency is the highest. However, when power levels drop, the available power is 
distributed evenly among the three phases. This results in reduced efficiency because load 
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independent loss will become a bigger portion of the overall losses. In single-phase inverters, 
techniques such as pulse skipping [50] are commonly employed in an effort to improve light-load 
efficiency. This method is not predictable and can become problematic in large installations. 
Advanced Phase Skipping Control maximizes the output stage efficiency of a three-phase micro-
inverter by managing the amount of power on each phase based on the available power [51]. The 
available power is determined by the PV side MPPT controller. 
In an Advanced Phase Skipping system, there are three possible modes of operation: normal three-
phase mode, two-phase mode and single-phase mode. The controller transitions between these 
three modes in order to maximize inverter efficiency. Based on the available power, the controller 
can disable one or two phases of the three-phase system. At power levels above two-thirds of rated 
power, all three phases are enabled. At one-third to two-thirds of rated power, the controller 
disables one phase. At power levels below one-third of rated power, the controller enables only 
one phase. It should be noted that in single and two-phase modes, the ripple current in the DC link 
capacitor will be considerably higher. This problem is mitigated by the fact that in this mode the 
power level is much less and the controller can compensate for this by adjusting the DC link 
voltage to ensure that there is enough headroom to run the output stage.   
Available power may vary over a wide range during a typical day due to environmental factors 
such as clouds and shading as well as low irradiance during morning and afternoon. During times 
when available power is low, the three-phase micro-inverter will most likely be operating in single-
phase mode. As available power increases during the day, the controller will enable two and 
eventually all three phases and distribute power evenly in each phase in order to maximize overall 
system efficiency.  
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Unlike phase shedding techniques employed in multiphase converters commonly used in Voltage 
Regulator Modules (VRMs) and interleaved Power Factor Correction (PFC) circuits, in an 
Advanced Phase Skipping system, the overall number of operating phases does not change and in 
fact this control technique is used to maintain three-phase system balance. Actual phase skipping 
is done at the micro-inverter level in order to maintain the integrity of all three phases at the system 
level. However, the overall strategy would require a system level controller to dynamically manage 
the power from each micro-inverter to ensure power imbalance between the three phases is 
minimized. 
2.7 Experimental Results 
Experimental results were obtained from a 400-W three-phase half-bridge micro-inverter 
prototype using two different manufacturer’s MOSFETs for switching devices. The MOSFETs 
specifications are included in Table 2-1 for reference. MOSFETs with large differences in COSS 
were chosen for this work in order to demonstrate the effectiveness of the proposed Dynamic Dead 
Time Optimization for a wide range of MOSFET parasitic capacitors. The DSP used is a Microchip 
dsPIC33FJ16GS504. The experimental circuit parameters are as follows: DC bus voltage 400 V, 
AC grid voltage 120 V rms, 60 Hz, inductor value 270 µH and switching frequency range 20-185 
kHz. Using equations (2-10) and (2-11) in MATLAB, a lookup table can be generated which 
contains the optimum dead time values for each circuit operating point. This table can then be 
programmed into the DSP where the optimum dead time values are selected based on the DSP’s 
measurement of dynamic circuit operating parameters. 
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Table 2-1: Two Different Manufacturer’s MOSFETs Specifications  
Manufacturer 
Part Number 
Vdss 
(V) 
Id 
(A) 
Rds-ON 
(Ω) 
Ciss 
(pF) 
Coss 
(pF) 
Crss 
(pF) 
VSD
* 
(V) 
FCB20N60F 600 20 0.150 2370 1280 95 1.4 
STB21N65M5 650 17 0.150 1950 46 3 1.5 
                    * Drain to Source Diode Forward Voltage 
The experimental waveforms of Figures 2-13, 2-14 and 2-15 correspond to Figures 2-10, 2-11 and 
2-12 in the simulation results respectively. 
 
Figure 2-13: Filter inductor current. 
 
Figure 2-14: Experimental waveforms with fixed dead time. 
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Figure 2-15: Experimental waveforms with Dynamic Dead Time Optimization. 
The micro-inverter was tested in four different modes of operation: normal operation (with fixed 
dead time and no phase skipping), with Dynamic Dead Time Optimization (DTO) only, with 
Advanced Phase Skipping Control only, and with both Dynamic DTO and Advanced Phase 
Skipping Control. 
Figures 2-16 and 2-17 show the efficiency measured with a Yokogawa PZ4000 power analyzer 
for each of the micro-inverter operating modes for FCB20N60F and STB21N65M5 MOSFETs 
respectively. 
 
Figure 2-16: Micro-inverter output stage efficiency with FCB20N60F MOSFET. 
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Figure 2-17: Micro-inverter output stage efficiency with STB21N65M5 MOSFET. 
Referring to the efficiency figures, it can be seen that both manufacturer’s MOSFETs exhibited 
similar performance with respect to each of the four micro-inverter operating modes. Efficiency 
was the lowest over the entire load range when the micro-inverter was operated in normal mode 
for both manufacturer’s MOSFETs. A noticeable improvement in efficiency was achieved by 
implementing Dynamic Dead Time Optimization. Efficiency improvement was the highest at light 
loads where switching frequency is maximum. Implementing Advanced Phase Skipping Control 
also resulted in significant efficiency improvement especially at light loads. The best efficiency 
was realized with a combination of Dynamic Dead Time Optimization and Advanced Phase 
Skipping Control. CEC weighted efficiency is shown in Table 2-2 for both manufacturer’s 
MOSFETs and for each mode of operation. 
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Table 2-2: CEC Weighted Efficiency for Different Modes of Operation  
Manufacturer 
Part Number 
Normal 
Operation 
(Fixed Dead 
Time) 
Dynamic 
DTO 
Advanced 
Phase 
Skipping 
Control 
Dynamic DTO 
+ Advanced 
Phase Skipping 
Control 
FCB20N60F 96.96% 98.06% 97.67% 98.42% 
STB21N65M5 96.21% 97.97% 97.35% 98.48% 
 
Combining Dynamic Dead Time Optimization and Advanced Phase Skipping Control produced 
an additional 1.5 percentage points in CEC efficiency for FCB20N60F MOSFET and 2.3 
percentage points in CEC efficiency for STB21N65M5 MOSFET. 
It is worth noting that neither of the two efficiency improvement techniques described in this 
chapter require any additional circuit components. Therefore, reliability and cost will not be 
negatively impacted and in fact reliability will be improved due to lower operating junction 
temperatures. Research on reliability of power MOSFETs and predicting their failures shows that 
it is possible to predict failure of power MOSFETs due to thermal stress without estimating the 
junction temperature [52], [53]. This is achieved by developing a mathematical framework to 
capture the drop in on voltage of a MOSFET due to aging and developing prognostic models [54].  
Although advanced phase skipping control is applicable only to three-phase inverters and micro-
inverters, dynamic dead time optimization will improve efficiency of both three-phase and single-
phase inverters and micro-inverters that employ soft switching techniques such as BCM ZVS 
current control. 
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2.8 THD Improvement with Dynamic Dead Time Optimization 
Since optimizing the dead time minimizes inductor current excursion beyond the upper and lower 
fixed reverse thresholds in BCM ZVS current control, an improvement in THD is realized. 
Figure 2-18 shows output current and inductor current at 80 W with fixed dead time. It can be seen 
that the reverse current threshold is not constant and in fact varies with the peak current. This 
anomaly tends to increase THD by subtracting from the output peak current. 
 
 
 
Figure 2-18: Output current and inductor current with fixed dead time. 
The THD in Figure 2-18 is 7.78% measured with a Yokogawa PZ4000 power analyzer. This effect 
is more significant at light loads since the fixed dead time becomes a larger portion of the switching 
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period. Identical conditions with implementation of Dynamic Dead Time Optimization control is 
shown in Figure 2-19. The anomaly shown in Figure 2-18 is greatly reduced due to the fact that 
dead time is now proportional to the switching period resulting in a much improved THD of 4.74%. 
 
 
 
Figure 2-19: Output current and inductor current with dynamic dead time optimization. 
2.9 Summary 
In this chapter, two efficiency improvement techniques have been introduced and implemented in 
a three-phase micro-inverter. Practical implementation of these two techniques has been verified 
by experimental results on a 400-W three-phase micro-inverter prototype. It is very important to 
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note that no additional circuit components are required and the techniques can be implemented 
entirely in the digital controller firmware. 
Dynamic Dead Time Optimization minimizes MOSFET body diode conduction time which 
reduces power dissipation. Therefore, reliability will be improved due to lower operating junction 
temperatures. THD will also be improved in inverters using BCM ZVS current control. This 
technique can be digitally implemented on three-phase and single-phase inverters and micro-
inverters that employ soft switching techniques. Advanced Phase Skipping Control is applicable 
to three-phase inverters and micro-inverters. Depending on the available input power from the PV 
source, this control method features distributed power to individual phases so that the maximum 
DC/AC stage efficiency of the three-phase micro-inverter is achieved. The experimental results 
show that the proposed hybrid digital control algorithm which combines Dynamic Dead Time 
Optimization and Advanced Phase Skipping Control can significantly improve the CEC efficiency 
of a 400-W three-phase half-bridge micro-inverter prototype. 
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CHAPTER 3. ANALYSIS AND OPTIMIZATION OF VARIABLE-
FREQUENCY SOFT-SWITCHING PEAK CURRENT MODE 
CONTROL TECHNIQUES FOR MICROINVERTERS 
3.1 Introduction 
This chapter presents a detailed power loss model for a microinverter with three different zero 
voltage switching (ZVS) boundary conduction mode (BCM) current modulation methods. The 
model is used to calculate the optimum peak current boundaries for each modulation method. 
Based on the power loss model, a dual-zone modulation method is proposed to further improve 
the microinverter efficiency. The proposed modulation method provides two main benefits: the 
addition of one more soft switching transition and low inductor peak current. The additional soft 
switching transition reduces switching losses by means of zero current switching (ZCS). The lower 
peak current boundary reduces inductor rms current and conduction losses as well as allowing the 
output filter inductor to be smaller and more efficient. An improved BCM peak current control 
method was proposed and implemented on a microinverter prototype. The control circuit provides 
a highly accurate representation of the filter inductor current waveform and also provides galvanic 
isolation which simplifies control circuit design. The experimental results on a 400-W three-phase 
half-bridge microinverter validate the theoretical analysis of the power loss distribution and 
demonstrate that further improvement in efficiency can be achieved by using the proposed dual-
zone modulation method. 
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3.2 Variable-Frequency Peak Current Mode Control Techniques 
Three ZVS BCM peak current mode control methods are described and compared in this section. 
Figure 3-1 depicts a standard power circuit of a three-phase half-bridge inverter. The body diode 
and the parasitic capacitance of the MOSFETs help to achieve ZVS in an inverter output stage. In 
order to implement turn-on ZVS, the bidirectional inductor current discharges the MOSFET 
parasitic capacitance until its body diode conducts prior to each switching transition. 
 
Figure 3-1: Three-phase half-bridge inverter. 
In order to inject AC current into the grid, the average inductor current must be equal to the 
reference current during each switching cycle. Therefore, the inductor current has to be between 
two predetermined boundaries. Three current modulation methods with different boundary shapes 
have been introduced in [35] which satisfy this requirement: BCM with fixed reverse current, BCM 
with variable reverse current, and BCM with fixed bandwidth. 
As shown in Figure 3-2, the inductor current has to be between the upper and lower limits for all 
the three modulation techniques in order to generate an average current equal to the reference 
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current. Since the inverter power loss is to be analyzed in this chapter, the inductor current and 
switching frequency are calculated for each of the three modulation techniques. 
 
(a) 
 
(b) 
 
(c) 
Figure 3-2: Three different ZVS BCM modulation methods: (a) fixed reverse current, (b) 
variable reverse current, (c) fixed band width. 
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The upper and lower boundaries and switching frequency for BCM with fixed reverse current 
modulation can be calculated as follows: 
{
𝐼𝑢𝑝𝑝𝑒𝑟 = 2𝐼𝑅𝐸𝐹 sin(𝜔𝑡) + 𝐼𝑜
𝐼𝑙𝑜𝑤𝑒𝑟 = −𝐼𝑜                            
     , if sin (𝜔𝑡) ≥ 0   
      ( 3-1 ) 
{
𝐼𝑢𝑝𝑝𝑒𝑟 = 𝐼𝑜                               
𝐼𝑙𝑜𝑤𝑒𝑟 = 2𝐼𝑅𝐸𝐹 sin(𝜔𝑡) − 𝐼𝑜
      , if sin (𝜔𝑡) < 0   
𝑓𝑠𝑤(𝑡) =
(
𝑉𝑑𝑐
2⁄ )
2
−(𝑉𝑚sin (𝜔𝑡))
2
𝐿𝑉𝑑𝑐(2𝐼𝑅𝐸𝐹sin (𝜔𝑡)+2𝐼𝑜)
                                       ( 3-2 ) 
where, IREF is the output peak current reference, Io is the reverse current for achieving ZVS, Vdc is 
the input voltage for the half-bridge inverter, Vm is the grid or output peak voltage and L is the 
output filter inductor. 
The boundaries and switching frequency for BCM with variable reverse current modulation can 
be found from equations (3-3) and (3-4). 
{
𝐼𝑢𝑝𝑝𝑒𝑟 =
3
2
𝐼𝑅𝐸𝐹 sin(𝜔𝑡) + 𝐼𝑜       
𝐼𝑙𝑜𝑤𝑒𝑟 =
1
2
𝐼𝑅𝐸𝐹 sin(𝜔𝑡) − 𝐼𝑜       
     , if sin (𝜔𝑡) ≥ 0 
      ( 3-3 ) 
{
𝐼𝑢𝑝𝑝𝑒𝑟 =
1
2
𝐼𝑅𝐸𝐹 sin(𝜔𝑡) + 𝐼𝑜      
𝐼𝑙𝑜𝑤𝑒𝑟 =
3
2
𝐼𝑅𝐸𝐹 sin(𝜔𝑡) − 𝐼𝑜      
      , if sin (𝜔𝑡) < 0 
𝑓𝑠𝑤(𝑡) =
(
𝑉𝑑𝑐
2⁄ )
2
−(𝑉𝑚sin (𝜔𝑡))
2
𝐿𝑉𝑑𝑐(𝐼𝑅𝐸𝐹sin (𝜔𝑡)+2𝐼𝑜)
                                               ( 3-4 ) 
The upper and lower limits and switching frequency for BCM with fixed bandwidth modulation 
can be expressed as follows: 
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{
𝐼𝑢𝑝𝑝𝑒𝑟 = 𝐼𝑅𝐸𝐹 sin(𝜔𝑡) + 𝐼𝑜         
𝐼𝑙𝑜𝑤𝑒𝑟 = 𝐼𝑅𝐸𝐹 sin(𝜔𝑡) − 𝐼𝑜         
     , if sin (𝜔𝑡) ≥ 0 
{
𝐼𝑢𝑝𝑝𝑒𝑟 = 𝐼𝑅𝐸𝐹 sin(𝜔𝑡) + 𝐼𝑜       
𝐼𝑙𝑜𝑤𝑒𝑟 = 𝐼𝑅𝐸𝐹 sin(𝜔𝑡) − 𝐼𝑜       
      , if sin (𝜔𝑡) < 0                                             ( 3-5 ) 
 
𝑓𝑠𝑤(𝑡) =
(
𝑉𝑑𝑐
2⁄ )
2
−(𝑉𝑚sin (𝜔𝑡))
2
𝐿𝑉𝑑𝑐(2𝐼𝑜)
                                                   ( 3-6 ) 
Note that for all three modulation methods, T1 and T2 are the required time for inductor current to 
traverse from the lower limit to the upper limit and from the upper limit to the lower limit, 
respectively and calculated as follows: 
{
 
 𝑇1 =
𝐿(𝐼𝑢𝑝𝑝𝑒𝑟−𝐼𝑙𝑜𝑤𝑒𝑟)
(
𝑉𝑑𝑐
2⁄ )−𝑉𝑔𝑟𝑖𝑑
       
𝑇1 =
𝐿(𝐼𝑢𝑝𝑝𝑒𝑟−𝐼𝑙𝑜𝑤𝑒𝑟)
(
𝑉𝑑𝑐
2⁄ )+𝑉𝑔𝑟𝑖𝑑
       
                                                  ( 3-7 ) 
 
Switching frequency is derived from (3-7) as follows: 
𝑓𝑠𝑤 =
(
𝑉𝑑𝑐
2⁄ )
2
−(𝑉𝑔𝑟𝑖𝑑)
2
𝐿𝑉𝑑𝑐(𝐼𝑢𝑝𝑝𝑒𝑟−𝐼𝑙𝑜𝑤𝑒𝑟)
                                              ( 3-8 ) 
The switching frequency and inductor rms current are determined by the peak current boundaries. 
Figures 3-3 and 3-4 depict the full load switching frequency and inductor rms current for each 
modulation method at different boundary values. An output inductor value of 270 μH was selected 
to ensure that the minimum switching frequency was above the maximum audible value of 20 kHz.  
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(a) 
 
(b) 
 
(c) 
Figure 3-3: Switching frequency over a half 60-Hz line cycle with varying Io for: (a) fixed 
reverse current, (b) variable reverse current, and (c) fixed band width. 
41 
 
 
Figure 3-4: Inductor rms current versus Io for each modulation method at full load. 
Referring to equations (3-2), (3-4) and (3-6), switching frequency for all three modulation methods 
is a function of the grid or output voltage and the peak current boundaries and is the highest at zero 
crossings. For example, BCM with fixed reverse current has the widest switching frequency range 
because both the instantaneous output voltage and the peak current boundaries decrease at zero 
crossings. BCM with fixed bandwidth has the narrowest switching frequency range since its peak 
current boundaries are constant over the entire output voltage range. Likewise, at full load, BCM 
with fixed reverse current has the lowest inductor rms current, while BCM with fixed bandwidth 
has the highest inductor rms current.  
The minimum reverse current for achieving ZVS depends on the MOSFET’s specification 
(parasitic capacitance, COSS), the voltage across the MOSFET (Vdc) and dead time (td), and for this 
topology is approximately calculated as follows [55]: 
𝐼min_𝑍𝑉𝑆_𝑟𝑒𝑣𝑒𝑟𝑠𝑒_𝑐𝑢𝑟𝑟𝑒𝑛𝑡 ≈
2𝐶𝑂𝑆𝑆𝑉𝑑𝑐
𝑡𝑑
                                      ( 3-9 ) 
An optimum combination of dead time (800 ns) and reverse current (0.8 A) was selected 
experimentally for this work. Therefore, in order to ensure ZVS operation for each modulation 
method, a minimum reverse current of 0.8 A is required to discharge the MOSFET parasitic 
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capacitance. With this in mind, the minimum Io required to maintain the 0.8 A reverse current for 
each modulation method at full load is shown in Figure 3-4. In all three modulation methods, ZVS 
is achieved during the entire grid cycle. Therefore, for each modulation Io is determined in such a 
way that ZVS can even be achieved for the lowest reverse current. 
Since only turn-on ZVS can be achieved with these modulation methods, higher switching 
frequency generally results in proportionally higher switching losses. Larger boundary values 
reduce switching frequency but also increase inductor rms current and conduction losses. 
A detailed power loss analysis will be presented in the next section which determines the optimum 
boundary values for each modulation method in order to maximize efficiency. 
 
3.3 Power Loss Analysis 
A loss model was designed in order to predict the power loss in the three-phase half-bridge 
microinverter prototype. Table 3-1 shows the prototype operating parameters. This model can be 
used to calculate the most efficient peak current boundary for each of the three modulation 
methods. Four sources of loss have been taken into consideration in this model: switching loss 
(including MOSFET body diode conduction loss), MOSFET conduction loss, inductor core loss 
and inductor winding loss. 
Since all three modulation methods can achieve turn-on ZVS, only turn-off switching loss is 
calculated in the loss model using the following equation: 
𝑃𝑠𝑤(𝑂𝐹𝐹)(𝑡) =
1
2
×𝐼𝑖(𝑡)×𝑉𝐷𝑆×𝑓𝑠𝑤(𝑡)×𝑡𝑠(𝐻−𝐿)                               ( 3-10 ) 
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Table 3-1: Inverter Prototype Operating Parameters 
Grid parameters    
 
                                                           
Output power    
Input Voltage                                                                  
Switching devices                                                           
Output capacitor                                                                
Main inductor 
Vgrid (nominal) = 120Vrms (Line-Neutral) 
                       208Vrms (Line-Line) 
fgrid (nominal) = 60 Hz 
Po = 130 W (each phase) 
Vdc = 400 V (+200V, -200V) 
Fairchild FCB20N60F MOSFET 
Co = 1µF polypropylene film (each phase) 
L = 270 µH (each phase), peak current= 4.5 A 
Rdc = 85 mΩ, magnetic core RM12/N95 ferrite, 
wire: Litz, 60 strands #38, 36.5 turns, air gap = 0.86 mm 
 
where, Ii (i=1, 2) is the peak boundary current for the upper and lower MOSFETs, respectively, 
VDS is the MOSFET drain-source voltage, fSW(t) is the instantaneous switching frequency and tS(H-
L) is the MOSFET turn-off time. 
To avoid shoot through current between the MOSFETs, dead time is included in the 
complementary gate drives. During the dead time, the MOSFETs body diode conducts which 
results in power loss and is calculated as follows: 
𝑃𝐵𝐷(𝑡) = 𝐼𝑖(𝑡)×𝑉𝑆𝐷×𝑓𝑠𝑤(𝑡)×(𝑡𝑑1 + 𝑡𝑑2)                                     ( 3-11 ) 
where, VSD is the diode forward voltage drop, td1 and td2 are the upper and lower MOSFET body 
diode conduction times, respectively.  
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MOSFET conduction loss is a function of the MOSFETs’ on resistance and inductor rms current 
as follows: 
𝑃𝑐𝑜𝑛𝑑𝑢𝑐𝑡𝑖𝑜𝑛 =
𝑅𝐷𝑆(𝑂𝑁)
𝑇𝑆
∫ 𝑖𝐿
2(𝑡)
𝑇𝑠
0
𝑑𝑡                                             ( 3-12 ) 
where, RDS(ON) is the on-resistance of the MOSFET, TS is the switching period and iL(t) is the 
instantaneous inductor current. 
Since Ii and fsw change at each switching cycle, referring to equations (3-1)-(3-6), instantaneous 
values have been considered in the loss calculation. The losses are computed for each switching 
cycle and then averaged over the entire 60-Hz line cycle. For example, the upper MOSFET turn-
off switching loss in BCM with fixed reverse current for a positive half cycle is calculated as 
follows: 
𝑃𝑢𝑝𝑝𝑒𝑟_𝑠𝑤(𝑂𝐹𝐹) =
𝑉𝐷𝑆×𝑡𝑠(𝐻−𝐿)
𝑇
∫ (2𝐼𝑅𝐸𝐹 sin(𝜔𝑡) + 𝐼𝑜)×
(
𝑉𝑑𝑐
2⁄ )
2
−(𝑉𝑚sin (𝜔𝑡))
2
𝐿𝑉𝑑𝑐(2𝐼𝑅𝐸𝐹sin (𝜔𝑡)+2𝐼𝑜)
𝑇
2
0
𝑑𝑡           ( 3-13 ) 
where, T is the 60-Hz line cycle period. Results were obtained using trapezoidal numerical 
integration in MATLAB. 
The core geometry and winding parameters for the 270 µH inductor were input into the inductor 
core loss model in the MATLAB program [56]. The results were then incorporated into the power 
loss model presented in this chapter. The loss model takes into account the varying switching 
frequency and core flux density to produce a more accurate core loss value. Winding losses consist 
of ac and dc losses. DC losses are simple function of inductor rms current and inductor dc 
resistance. AC losses are more complex and consist of skin effect and proximity effect which are 
a function of switching frequency and ac inductor current and tend to greatly increase the ac 
resistance of the inductor winding. The ac resistance value is often many times that of the dc 
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resistance. Note that since inductor current is bidirectional in all three modulation methods, there 
is no diode reverse recovery loss. 
Figure 3-5 shows plots of efficiency as a function of peak current boundary at different output 
power levels for each of the three modulation methods. Efficiency is calculated using the loss 
model and plotted for various percentages of full load power for each modulation method. In BCM 
with fixed reverse current, maximum efficiency is obtained when the peak boundary current is 0.8 
A, as shown in Figure 3-5(a). Peak current boundaries greater than the optimum value reduce the 
switching frequency and switching losses but increase the inductor rms current, MOSFET 
conduction losses and AC winding losses. However, peak current boundaries smaller than the 
optimum value increase the switching frequency significantly which causes increased inductor 
core loss. Similarly, in BCM with variable reverse current, the optimum peak current boundary 
changes slightly as power level increases and efficiency may be improved by dynamic adjustment 
of Io, as depicted in Figure 3-5(b). 
In BCM with fixed bandwidth, the plot of efficiency as a function of peak current boundaries at 
different output power levels shows that maximum efficiency is achieved when the peak current 
boundary is close to the minimum Io required for ZVS as shown in Figure 3-4. Fixed bandwidth 
modulation lends itself to dynamic adjustment of the peak current boundary based on the value of 
load current in order to further improve efficiency. 
Note that for all three modulation methods, reducing the peak current boundaries below the 
minimum Io required for ZVS results in hard switching and significantly increased switching 
losses. Plots based on the power loss model show that each of the three modulation methods has a 
unique range of optimum Io value that will produce maximum efficiency for varying power levels.  
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(a) 
 
(b) 
 
(c) 
Figure 3-5: Optimum peak current boundaries for three modulation methods at various power 
levels. 
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Notice that BCM with fixed reverse current and BCM with variable reverse current have a fairly 
narrow range of optimum Io values, while BCM with fixed bandwidth has a wide range of optimum 
Io values depending on the power level. 
3.4 Proposed Dual-Zone Modulation 
Based on the presented power loss model, a dual-zone modulation method is proposed to further 
improve efficiency. This modulation method provides two main benefits: the addition of one more 
soft switching transition and low inductor peak current. The proposed dual-zone modulation 
method divides the 60-Hz waveform into two distinct zones each having its own peak current 
boundaries and switching frequency range. Figure 3-6 shows the proposed dual-zone modulation 
method. Peak current boundaries and switching frequency for zone 1 can be determined as follows: 
{
𝐼𝑢𝑝𝑝𝑒𝑟 = 𝐼𝑅𝐸𝐹 sin(𝜔𝑡) + ℎ×𝐼𝑜  
𝐼𝑙𝑜𝑤𝑒𝑟 = 𝐼𝑅𝐸𝐹 sin(𝜔𝑡) − ℎ×𝐼𝑜  
                , if  |𝐼𝑅𝐸𝐹sin (𝜔𝑡)| ≤ 𝐼𝑜                ( 3-14 ) 
𝑓𝑠𝑤(𝑡) =
(
𝑉𝑑𝑐
2⁄ )
2
−(𝑉𝑚sin (𝜔𝑡))
2
𝐿𝑉𝑑𝑐(2ℎ×𝐼𝑜)
                                                        ( 3-15 ) 
 
Figure 3-6: Dual-zone modulation method. 
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Similarly, peak current boundaries and switching frequency for zone 2 are calculated as follows: 
{
𝐼𝑢𝑝𝑝𝑒𝑟 = 2𝐼𝑅𝐸𝐹 sin(𝜔𝑡)      
𝐼𝑙𝑜𝑤𝑒𝑟 = 0                              
       , if  𝐼𝑅𝐸𝐹sin (𝜔𝑡) > 𝐼𝑜   
 ( 3-16 ) 
{
𝐼𝑢𝑝𝑝𝑒𝑟 = 0                                  
𝐼𝑙𝑜𝑤𝑒𝑟 = 2𝐼𝑅𝐸𝐹 sin(𝜔𝑡)           
 , if  𝐼𝑅𝐸𝐹sin (𝜔𝑡) < −𝐼𝑜 
𝑓𝑠𝑤(𝑡) =
(
𝑉𝑑𝑐
2⁄ )
2
−(𝑉𝑚sin (𝜔𝑡))
2
𝐿𝑉𝑑𝑐(2𝐼𝑅𝐸𝐹sin (𝜔𝑡))
                                                 ( 3-17 ) 
Zone 1 is similar to fixed bandwidth modulation where turn-on ZVS can be achieved for both 
MOSFETs. The peak current boundaries are set by the value of h as referenced in equation (3-11). 
Figure 3-7(a) shows an expanded view of switching waveforms for zone 1. When the upper 
MOSFET (S1) is conducting, inductor current increases linearly until it crosses the upper boundary 
at which time it is turned off under hard switching. During the first dead time (td1), both MOSFETs 
are off and the inductor current completely discharges the lower MOSFET’s parasitic capacitance 
which provides turn-on ZVS for the lower MOSFET (S2). At the end of td1, the lower MOSFET 
is turned on and the inductor current decreases linearly until it reaches the lower current boundary. 
The lower MOSFET is then turned off under hard switching and the second dead time (td2) begins. 
During td2, the inductor current completely discharges the upper MOSFET’s parasitic capacitance 
which allows the upper MOSFET to be turned on under ZVS. In zone 1, two of the four switching 
transitions are ZVS and the dead time intervals, td1 and td2, are almost equal. 
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(a) 
 
(b) 
Figure 3-7: Dual-zone modulation method switching waveforms: (a) Zone 1, (b) Zone 2. 
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Zone 2 resembles BCM with fixed reverse current modulation where both ZVS and ZCS can be 
achieved. Figure 3-7(b) illustrates an expanded view of switching waveforms for zone 2. When 
the inductor current crosses the upper boundary, the upper MOSFET (S1) is turned off under hard 
switching. During the first dead time (td1), the inductor current completely discharges the lower 
MOSFET’s parasitic capacitance which allows the lower MOSFET (S2) to be turned on under 
ZVS. As the inductor current falls to zero, the lower MOSFET is turned off under ZCS. During 
the second dead time (td2), the inductor current becomes negative and completely discharges the 
upper MOSFET’s parasitic capacitance. If td2 is sufficiently long so that the upper MOSFET’s 
parasitic capacitance is completely discharged, the upper MOSFET can then be turned on under 
ZVS. In zone 2, three of the four switching transitions are soft switched but unlike zone 1, the dead 
time intervals, td1 and td2, are quite different. Implementing Dynamic Dead Time Optimization 
(DDTO) [44] ensures that soft switching will be maintained in zone 2 over the entire operating 
range of the inverter. 
The power loss model described in section III has been used for the dual-zone modulation method 
to predict the optimum combination of h and Io at various power levels. Figure 8 shows plots of 
efficiency as a function of h for different values of Io at 100% and 30% of rated power. At full 
load, maximum efficiency is achieved when Io and h are 1.5 A and 1, respectively. At values of h 
below 1, soft switching is not guaranteed over the entire 60-Hz line cycle and efficiency decreases 
significantly. However, at 30% of rated power, the power loss analysis shows that the total loss is 
lowest when the value of h is greater than 1 for different values of Io. Note that the values of Io and 
h depend on the power level, with h varying from 1.6 to 1 and Io varying from 0.7 A to 1.5 A as 
shown in Figure 8. In order to reduce computation time in the DSP, the optimum values of Io and 
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h were calculated using MATLAB for a range of power levels and placed in a lookup table in the 
DSP. The DSP then selects the values of h and Io based on the inverter operating power. 
 
(a) 
 
(b) 
Figure 3-8: Optimum peak current boundaries for dual-zone modulation method at (a) 100%, (b) 
30% of rated power. 
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Figure 3-9 shows inductor peak current boundaries for high power and low power using dual-zone 
modulation. At high power, zone 1 is larger than zone 2 which reduces the overall switching 
frequency, while at low power, zone 2 is larger than zone 1 which reduces the inductor rms current. 
In the proposed control technique, inductor rms current and switching frequency are controlled 
according to the output power level. At high power levels, the switching frequency range is similar 
to the other three modulation methods. However, the inductor rms current is reduced resulting in 
lower conduction losses. At low power levels, the switching frequency range is higher than that of 
the other three modulation methods. However, the increased switching losses are offset by the 
addition of one more soft switching transition. Also, inductor rms current is lower than that of the 
other three modulation methods which results in lower conduction losses. The combination of the 
additional soft switching transition and reduced inductor rms current produces an overall 
improvement in efficiency. Dual-zone modulation switching frequency range for 100% and 30% 
of rated power for half a 60-Hz line cycle is shown in Figure 3-10. The sudden change in switching 
frequency at 30% of rated power is due to the different current boundaries in transition from zone 
1 to zone 2, referring to Figure 3-9(b) and equations (3-14) and (3-16). 
The Power loss distribution for a 400-W three-phase half-bridge microinverter with four different 
BCM modulation methods is shown in Figure 3-11. Since BCM with fixed bandwidth has the 
highest inductor rms current, MOSFET conduction losses and inductor winding losses are the 
highest with this modulation. However, MOSFET conduction losses and inductor winding losses 
are the lowest with dual-zone modulation because of its lower inductor rms current. Since in BCM 
with fixed bandwidth, the peak current boundaries are constant over the entire 60-Hz line cycle, it 
has the narrowest switching frequency range and therefore the lowest inductor core loss. 
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(a) 
 
(b) 
Figure 3-9: Dual-zone peak current modulation at (a) high power, (b) low power. 
 
Figure 3-10: Dual-zone modulation switching frequency range for 100% and 30% of rated 
power. 
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Figure 3-11: Power loss distribution with different BCM modulation methods at 100%, 50% and 
30% of microinverter rated power. 
Unlike BCM with fixed bandwidth, BCM with fixed reverse current modulation has the widest 
switching frequency range and therefore the highest inductor core loss due to the fact that 
switching frequency has a major impact on the inductor core loss calculation. As shown in Fig. 11, 
MOSFET switching losses are the largest portion of the total loss and increase as the output power 
level decreases. Even though the peak current boundaries decrease at light loads in all of the 
modulation methods, the switching frequency increases significantly resulting in increased 
switching losses. 
Although dual-zone modulation has a higher switching frequency in zone 2 compared to the other 
three modulation methods, the peak current boundaries are lower and it has one more soft 
switching transition. The lower peak current boundaries reduce MOSFET conduction losses and 
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inductor winding losses thereby reducing overall power loss. Since the inductor peak current is 
low compared to the other three current modulation methods, the output filter inductor can be 
designed with fewer turns and a smaller gap which reduces inductor winding losses. Operating 
flux density can also be lower resulting in reduced core losses. The inductor could also be 
physically smaller which improves power density and also has lower core loss due to the reduction 
in core volume. 
3.5 BCM Peak Current Control 
Implementation of BCM peak current control for one phase in a DSP is shown in Figure 3-12. In 
order to guarantee ZVS over the entire grid cycle, the controller requires a precise measurement 
of the inductor current. Since the switching frequency varies over the 60-Hz line cycle and could 
go as high as 300 kHz depending on the modulation method used, inductor current cannot be 
accurately sampled using conventional A/D converters such as those found in digital signal 
controllers. To avoid this issue, the three-phase half-bridge microinverter prototype uses hybrid 
BCM current control [57], which is a combination of predictive control along with hardware reset. 
Predictive control calculates the duty cycle required for each operating point over the 60-Hz line 
cycle. Hardware reset is implemented by using the digital signal controller’s internal high speed 
comparators to terminate the on time once the peak current threshold has been crossed. 
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Figure 3-12: DSP implementation of BCM peak current control. 
Hardware reset requires an accurate wide bandwidth current sensing circuit for measuring the 
inductor current. To accomplish this, a high performance nano-crystalline core 300:1 current 
transformer was designed and included in the prototype. This current transformer exhibits zero-
degree phase shift at 60 Hz while having an upper bandwidth limit of greater than 500 kHz and 
can easily reproduce the inductor current waveform with no distortion. The Hall effect sensor is 
only required to measure dc current to ensure that the output current has no dc component. The 
current transformer and Hall effect sensor outputs are combined to produce an accurate inductor 
current measurement which is input to the high speed comparator inside the DSP. 
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3.6 Experimental Results 
Experimental results were measured on a 400-W three-phase half-bridge microinverter prototype. 
The four previously discussed BCM modulation methods were implemented on a Microchip 
dsPIC33FJ16GS504. For the purpose of this experiment, the dc bus voltage was set to 400 V, the 
output inductor value was 270 μH for each phase and the line frequency was 60 Hz. The 
microinverter was tested using BCM with fixed reverse current, BCM with variable reverse current 
and BCM with fixed bandwidth [58], [59]. The filter inductor high frequency current and average 
current for each of the three modulation methods is shown in Figure 3-13.  
Figure 3-14 shows the measured efficiency as a function of peak current boundary at different 
output power levels for each of the three modulation methods. Note that the empirical data closely 
resembles the efficiency calculated using the power loss model shown in Figure 3-5. The optimum 
Io measured on the prototype for each of the three modulation methods is almost identical to the 
calculated values. The experimental results at high power and high values of Io could not be 
obtained due to the saturation limit of the output filter inductor.  
The filter inductor high frequency current and average current in Figure 3-15 were measured at 
high power and low power using the proposed dual-zone modulation technique. It can be seen that 
at high power, zone 1 is larger than zone 2 which reduces the overall switching frequency, while 
at low power, zone 2 is larger than zone 1 which reduces the inductor rms current. The switching 
waveforms for upper and lower MOSFETs in zone 1 and zone 2 were measured and are shown in 
Figure 3-16. 
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(a) 
 
(b) 
 
(c) 
Figure 3-13: Filter inductor current and output current for (a) BCM with fixed reverse current, 
(b) BCM with variable reverse current, (c) BCM with fixed bandwidth. 
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(a) 
 
 
(b) 
 
 
(c) 
Figure 3-14: Optimum peak current boundaries for three modulation methods at various power 
levels. 
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(a) 
 
(b) 
Figure 3-15: Dual-zone peak current modulation at (a) high power, (b) low power. 
Referring to this figure in zone 1, the dead times are equal and turn-on ZVS is achieved for both 
MOSFETs. In zone 2, in addition to turn-on ZVS for both MOSFETs, turn-off ZCS is achieved 
for the lower MOSFET as shown in Figure 3-16(b). The dead times are quite different due to the 
small amount of inductor current that is available to discharge the MOSFET’s parasitic 
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capacitance. The dead times in both zone 1 and zone 2 have been optimized over a 60-Hz line 
cycle using DDTO technique. 
 
(a) 
 
(b) 
Figure 3-16: Dual-zone modulation method switching waveforms: (a) Zone 1, (b) Zone 2. 
Figure 3-17 shows the maximum efficiency for each of the modulation methods measured with a 
Yokogawa PZ4000 power analyzer. It can be seen that higher efficiency can be achieved using the 
proposed dual-zone modulation method without additional circuit components or cost. THD is an 
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important parameter to be considered when designing an inverter. Full power current THD and 
inductor rms current for all four modulation methods are shown in Table 3-2. Dual-zone 
modulation exhibits the lowest inductor rms current and its current THD is well within the limits 
specified by IEEE 1547. 
 
Figure 3-17: Microinverter output stage efficiency with different modulation methods. 
Table 3-2: THD and Inductor RMS Current for Four Current Modulation Methods 
 THD RMS 
BCM with Fixed Reverse Current 2.5% 1.59 
BCM with Variable Reverse Current 1.9% 1.61 
BCM with Fixed Bandwidth 1.4% 1.76 
Dual-Zone Modulation 2.4% 1.45 
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3.7 Summary 
In this chapter, a precise power loss model has been presented to calculate the optimum peak 
current boundary for three different modulation methods: BCM with fixed reverse current, BCM 
with variable reverse current, and BCM with fixed bandwidth. The power loss analysis shows that 
the optimum peak current boundary is almost constant for BCM with fixed reverse current at 
different power levels, while it varies with load current for BCM with variable reverse current and 
BCM with fixed bandwidth. The experimental results on a 400-W three-phase half-bridge 
microinverter prototype verify the accuracy of the power loss model. 
A dual-zone modulation method along with an improved control method have been proposed in 
this chapter which further improve the efficiency of the microinverter prototype. Dual-zone 
modulation divides the 60-Hz waveform into two distinct zones. The power loss model was used 
to determine the size of each zone and calculate peak current boundaries. This modulation 
technique not only produces one more soft switching transition but also reduces inductor rms 
current which results in an overall improvement in efficiency. In addition, dual-zone modulation 
produces the lowest inductor peak current compared to the other three modulation methods so that 
the output filter inductor can be a smaller and more efficient design with fewer turns and lower 
flux density. The improved peak current control method proposed in this chapter consists of a 
wide-band current transformer that is accurate from 60 Hz to 500 kHz with zero-degree phase 
shift. The current transformer provides isolation and allows the entire inductor ac current 
waveform to be sensed. DDTO from previous work was also implemented on the prototype. 
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CHAPTER 4. ADVANCED DC LINK VOLTAGE REGULATION AND 
CAPACITOR MINIMIZATION FOR THREE-PHASE 
MICROINVERTER 
4.1 Introduction 
This chapter investigates DC link capacitor minimization for three-phase photovoltaic (PV) based 
microinverters. This concept minimizes the storage capacitance by allowing greater voltage ripple 
on the DC link. Therefore, the microinverter reliability can be significantly increased by replacing 
electrolytic capacitors with film capacitors. However, this intentionally increased voltage ripple 
can introduce harmonic distortion on the output current of the inverter stage if it is not mitigated 
by the DC link voltage controller. For this purpose, a robust and accurate DC link voltage control 
is proposed to filter this ripple while regulating the DC link voltage without using any additional 
circuit components. The experimental results on a 400-W three-phase half-bridge microinverter 
prototype validate the theoretical analysis of the DC link capacitor minimization and show that a 
significant reduction of the DC link capacitor requirement can be achieved. The proposed high 
accuracy DC link voltage controller is also implemented on this prototype to demonstrate very low 
harmonic distortion of the inverter output current while tightly regulating the DC link voltage even 
during transients. 
4.2 Determining Minimum DC Link Capacitor Value 
Figure 4-1 shows a common two-stage microinverter topology. This topology which connects the 
PV panel to the grid consists of a DC/DC converter and a DC/AC inverter along with a decoupling 
(DC link) capacitor in between the two stages. Typically, the first stage provides a MPPT function 
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for the PV panel and boosts its low voltage to a constant DC link voltage. The energy produced by 
the PV panel is stored in the DC link capacitor. The second stage converts the energy stored in this 
capacitor into ac current which is injected into the grid synchronized to the grid voltage.  
 
Figure 4-1: Two-stage microinverter topology. 
The DC link capacitor is charged by DC input power from the PV and discharged by the pulsating 
power injected into the grid. The ac current drawn from the DC link capacitor introduces a 
harmonic component on the DC link voltage. This voltage ripple on the DC link capacitor may 
adversely affect the inverter efficiency and the quality of power injected into the grid [60], [61]. 
Total harmonic distortion (THD) of the inverter output current will increase as the DC link voltage 
ripple increases [42]. This natural phenomenon cannot be mitigated by the inverter control. The 
following expression approximates the DC link instantaneous voltage for a single-phase full-
bridge inverter: 
𝑣𝐷𝐶𝑙𝑖𝑛𝑘(𝑡) ≈ 𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔. +
𝑃𝑖𝑛
2𝜔𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔.𝐶𝐷𝐶𝑙𝑖𝑛𝑘
𝑠𝑖𝑛(2𝜔𝑡)                       ( 4-1 ) 
where, VDClink,avg. is the average DC link voltage, Pin is the input power from the PV panel and 
CDClink is the DC link capacitance. Referring to (4-1), higher capacitance results in smaller voltage 
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ripple on the DC link. 
Electrolytic capacitors with high capacitance are often used for the DC link in order to mitigate 
this effect. Since electrolytic capacitors have a limited lifetime, they are not compatible with the 
microinverter systems lifetime which can be longer than 20 years [62]. Therefore, in order to 
increase the microinverter systems lifetime, electrolytic capacitors can be replaced by lower 
capacitance film capacitors which are more tolerant of voltage ripple. Since film capacitors are 
more expensive than electrolytic capacitors, it is advantageous to minimize the size of these 
capacitors [63]. 
Since the DC link voltage normal operating range must be greater than the grid voltage plus some 
operating headroom, the DC link capacitor rated voltage should be higher than this value with the 
addition of some voltage derating. Therefore, the DC link voltage must be maintained within this 
range by the inverter controller. This controller regulates the DC link voltage with variations in 
input power, output voltage and load current transients. A feedback loop senses the DC link 
voltage, compares it with the desired reference voltage and determines the inverter output current 
in order to regulate the DC link voltage. This controller should have sufficient bandwidth to 
compensate for input and output transients. The inverter output current THD must be also 
considered when designing the DC link voltage control system [64], [65]. A coupled inductor filter 
is presented in [66] to eliminate a specific frequency from the output of a DC/DC converter. A 
control loop compensator is proposed in [41] and [42] to minimize the output harmonics using a 
high-order filter with low-frequency poles and zeros. A third ripple port in a single-phase inverter 
is presented in [67] to cancel the DC link voltage ripple using a small capacitor which requires 
additional circuit components. A digital finite impulse response (FIR) filter is introduced in [36] 
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to sample the DC link voltage at a low-frequency rate and then calculate the average voltage in 
order to reduce output current harmonics. However, the controller response to even small power 
transients is quite slow. 
As shown in Figure 4-1, the DC link capacitor is charged by DC input power from the PV panel. 
The capacitor is discharged by the pulsating power injected into the grid which results in voltage 
ripple. In this section, the energy stored in the DC link capacitor is calculated to determine the 
relationship between the DC link voltage ripple and storage capacitance value. This relationship 
along with the DC link voltage normal operating range will then be used to determine the size of 
the storage capacitor.  
The grid voltage for a three-phase system is defined as 
𝑉𝑎(𝑡) = 𝑉𝑚 𝑠𝑖𝑛(𝜔𝑡) 
𝑉𝑏(𝑡) = 𝑉𝑚 𝑠𝑖𝑛(𝜔𝑡 −
2𝜋
3⁄ )                                      ( 4-2 )                                  
                                                              𝑉𝑐(𝑡) = 𝑉𝑚 𝑠𝑖𝑛(𝜔𝑡 +
2𝜋
3⁄ )    
and assuming unity power factor, the three-phase inverter output current injected into the grid is 
expressed as follows: 
𝑖𝑎(𝑡) = 𝐼𝑚 𝑠𝑖𝑛(𝜔𝑡) 
𝑖𝑏(𝑡) = 𝐼𝑚 𝑠𝑖𝑛(𝜔𝑡 −
2𝜋
3⁄ )                                        ( 4-3 ) 
       𝑖𝑐(𝑡) = 𝐼𝑚 𝑠𝑖𝑛(𝜔𝑡 +
2𝜋
3⁄ ) 
where, Vm and Im are the peak values of voltage and current, respectively. The inverter 
instantaneous output power can be derived from (4-2) and (4-3) as follows: 
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           𝑃𝑎(𝑡) =
𝑉𝑚𝐼𝑚
2
(1 − 𝑐𝑜𝑠(2𝜔𝑡)) 
    𝑃𝑏(𝑡) =
𝑉𝑚𝐼𝑚
2
(1 − 𝑐𝑜𝑠(2𝜔𝑡 − 4𝜋 3⁄ ))                                     ( 4-4 ) 
    𝑃𝑐(𝑡) =
𝑉𝑚𝐼𝑚
2
(1 − 𝑐𝑜𝑠(2𝜔𝑡 + 4𝜋 3⁄ )) 
Assuming 100% efficiency for the two-stage microinverter, the average output power must be 
equal to the PV input power expressed as follows: 
𝑃𝑜,𝑎𝑣𝑔 = 〈𝑃𝑎(𝑡) + 𝑃𝑏(𝑡) + 𝑃𝑐(𝑡)〉 = 𝑃𝑖𝑛 = 3
𝑉𝑚𝐼𝑚
2
                                 ( 4-5 ) 
where, Po,avg is the inverter average output power and Pin is the input power from the PV panel. 
Since a half-bridge topology uses a bipolar DC link (V±DClink) with identical capacitors as shown 
in Figure 4-2, half of the output power is drawn from each capacitor. Similarly, each capacitor is 
charged by half of the input power from the PV panel. Note that in buck-derived topologies, during 
positive half cycles, grid current is predominantly sourced from V+DClink due to the fact that the 
upper MOSFET's on time is greater than that of the lower MOSFET. Similarly, during negative 
half cycles, negative grid current is predominantly sourced from V-DClink.  
 
Figure 4-2: Three-phase half-bridge microinverter with a bipolar DC link. 
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Figure 4-3 shows simulation results of average main inductor current (sourced from V+DClink and 
V-DClink) and grid current on the same scale for single-phase operation. It can be seen that during 
positive half cycles, almost all of the positive grid current is indeed sourced from V+DClink (i
+
DClink), 
although some amount of current is sourced from i-DClink. The same is true for negative half cycles. 
  
   
Figure 4-3: Simulation results of single-phase operation. 
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For simplicity, it is assumed that all positive current is sourced from V+DClink and all negative 
current is sourced from V-DClink. Since the circuit is symmetrical, the analysis will be performed on 
only one of the capacitors. Therefore, the definition from (4-5) can be rewritten as follows: 
𝑃𝑜,𝑎𝑣𝑔
+ = 〈𝑃𝑎
+(𝑡) + 𝑃𝑏
+(𝑡) + 𝑃𝑐
+(𝑡)〉 = 𝑃𝑖𝑛
+ =
3
2
𝑉𝑚𝐼𝑚
2
                                ( 4-6 ) 
where, P+o,avg is the inverter average output power sourced by C
+
DClink capacitor, P
+
in is the half of 
input power from the PV panel to charge C+DClink capacitor and P
+
a,b,c(t) is the inverter 
instantaneous output power for each phase during positive half  cycles. For example, P+a (t) is 
defined as 
𝑃𝑎
+(𝑡) = {
𝑃𝑎(𝑡),        0 ≤ 𝑡 <
𝑇
2
      
0,                
𝑇
2
≤ 𝑡 < 𝑇     
                                                   ( 4-7 ) 
Figure 4-4 shows the key waveforms of the microinverter. It can be seen that V+DClink is increasing 
when P+in > P
+
o(t) during intervals (0,T/6), (T/3,T/2) and (2T/3,5T/6), and similarly V
+
DClink is 
decreasing when P+in < P
+
o(t) during intervals (T/6,T/3), (T/2,2T/3) and (5T/6,T). Therefore, the 
minimum and maximum values of V+DClink (V
+
DClink_min and V
+
DClink_max) occur at 0, T/3, 2T/3 and 
T/6, T/2, 5T/6, respectively. 
Referring to Figure 4-4, the energy required to charge C+DClink during the interval (0,T/6) can be 
calculated as  
∆𝐸 = ∫ (𝑃𝑖𝑛
+ − 𝑃𝑜
+(𝑡))
𝑇
6
0
𝑑𝑡 =
𝑉𝑚𝐼𝑚
2𝜔
(
√3
2
−
𝜋
6
)                                          ( 4-8 ) 
where, P+o(t) is P
+
a(t)+P
+
c(t) in this interval as shown in Figure 4-4. The stored energy in C
+
DClink 
can also be expressed as follows: 
∆𝐸 =
1
2
𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+2 − 𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+2 )                                   ( 4-9 ) 
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Figure 4-4: Key waveforms of the microinverter. 
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Therefore, the relationship between the DC link voltage ripple and storage capacitance is derived 
from (8) and (9) as 
𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ =
𝑉𝑚𝐼𝑚
2.𝜔.∆𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ .𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔
+ (
√3
2
−
𝜋
6
)                                    ( 4-10 ) 
where, ΔV+DClink is the DC link voltage ripple and V+DClink,avg is the DC link average voltage defined 
as follows: 
{
 
 
 
 ∆𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ = 𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+ − 𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+                                        
𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔
+ =
𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+ +𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+
2
                                           
𝜔 =
2𝜋
𝑇
                                                                                             
( 4-11 ) 
Therefore, the DC link voltage of a three-phase half-bride topology can be expressed in (4-12). 
Referring to this equation and Figure 4-4, the DC link voltage contains a third harmonic component 
which is superimposed on the average voltage compared to a single-phase full-bridge inverter 
which has a second harmonic component. 
𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ (𝑡) = 𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔. +
𝑉𝑚𝐼𝑚
4𝜔𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔
+ 𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (
√3
2
−
𝜋
6
)𝑠𝑖𝑛 (3𝜔𝑡 −
𝜋
2
)                ( 4-12 ) 
Note that in a balanced three-phase three-wire system, there is no third harmonic ripple on the DC 
link. This is also true for the three-phase four-wire system described in the chapter if the DC link 
voltage is measured from V+DClink to V
-
DClink. However, if V
+
DClink and V
-
DClink are measured with 
respect to Neutral, their ripple voltage contains a third harmonic component. The Neutral current 
also contains a very small third harmonic component along with high frequency component. This 
is an artifact of high-frequency modulation and more noticeable with small values of DC link 
capacitor. 
Similarly, the energy required to discharge C+DClink during the interval (T/6,T/3) can be calculated 
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as 
∆𝐸 = ∫ (𝑃𝑜
+(𝑡) − 𝑃𝑖𝑛
+)
𝑇
3⁄
𝑇
6⁄
𝑑𝑡 =
𝑉𝑚𝐼𝑚
2𝜔
(
√3
2
−
𝜋
6
)                                               ( 4-13 ) 
where, P+o(t) is equal to P
+
a(t) during this interval as shown in Figure 4-4. The same relationship 
between the DC link voltage ripple and storage capacitance which was derived in (4-10) can be 
obtained from (4-9) and (4-13). 
Referring to (4-10), the size of storage capacitor can be significantly reduced if the DC link voltage 
ripple (ΔV+DClink) is slightly increased. This allows lower value film capacitors to be used instead 
of electrolytic capacitors. 
In an effort to calculate the DC link instantaneous voltage, the energy stored in C+DClink can be 
determined as 
𝐸𝐶(𝑡) = 𝐸𝐶(0) + ∫ (𝑃𝑖𝑛
+ − 𝑃𝑜
+(𝑡))
𝑡
0
𝑑𝑡                                     ( 4-14 ) 
This equation can also be expressed as 
1
2
𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ 𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+2 (𝑡) = 
1
2
𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ 𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+2  + ∫
𝑉𝑚𝐼𝑚
2
𝑡
0
(−
1
2
+ 𝑐𝑜𝑠(2𝜔𝑡) + 𝑐𝑜𝑠(2𝜔𝑡 +
4𝜋
3
)) 𝑑𝑡       ( 4-15 ) 
From (4-15), the DC link instantaneous voltage can be derived in (4-16).  
𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ (𝑡) = √𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+2 +
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (−𝜔𝑡 + 𝑠𝑖𝑛(2𝜔𝑡) + 𝑠𝑖𝑛(2𝜔𝑡 +
4𝜋
3
) +
√3
2
)           ( 4-16 ) 
The voltage-sourced inverter is a buck-derived topology, so the input voltage must be greater than 
the peak grid voltage plus some operating headroom to accommodate transients and variations in 
grid voltage (±10%), i.e. 
𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ (𝑡) ≥ 𝑉𝑚𝑠𝑖𝑛(𝜔𝑡) + ℎ                                            ( 4-17 ) 
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From (4-16) and (4-17), V+DClink_min can be determined in (4-18). 
𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+ ≥
√
𝑉𝑚
2
2
−
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+
√3
2
+
𝑉𝑚𝐼𝑚
2𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ 𝑡 −
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ 𝑠𝑖𝑛 (2𝜔𝑡 +
4𝜋
3
) − 𝐴𝑠𝑖𝑛(2𝜔𝑡 + 𝛼) + 2ℎ𝑉𝑚𝑠𝑖𝑛(𝜔𝑡) + ℎ2  
𝐴 = √(
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ )
2
+ (
𝑉𝑚
2
2
)
2
,   𝛼 = 𝑡𝑎𝑛−1
𝑉𝑚
2
2
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+
                                    ( 4-18 ) 
Referring to this equation, a higher grid voltage and a larger C+DClink result in a higher V
+
DClink_min. 
Note that a reduction in C+DClink will also increase the DC link maximum voltage. Therefore, in 
order to avoid high voltage stress on the microinverter power devices, the maximum allowable DC 
link voltage must be also taken into account. The energy stored in C+DClink can also be expressed 
as  
𝐸𝐶(𝑡) = 𝐸𝐶 (
𝑇
6
) − ∫ (𝑃𝑜
+(𝑡) − 𝑃𝑖𝑛
+)
𝑡
𝑇
6
𝑑𝑡                                           ( 4-19 ) 
Similarly, V+DClink_max is derived in (4-20).  
𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+ ≥ 
√
𝑉𝑚
2
2
+
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (
𝜋
3
+
√3
2
) −
𝑉𝑚𝐼𝑚
2𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ 𝑡 − 𝐴𝑠𝑖𝑛(2𝜔𝑡 + 𝛼) + 2ℎ𝑉𝑚 𝑠𝑖𝑛(𝜔𝑡) + ℎ2         ( 4-20 ) 
In order for one to effectively use the analysis presented in this chapter, a number of design 
parameters must be determined. These include system power level (VmIm/2), minimum acceptable 
DC link voltage (V+DClink_min=Vm+h), maximum acceptable DC link voltage (V
+
DClink_max) and 
operating headroom (h). once defined, these parameters can be used along with equation (4-10) to 
determine the minimum acceptable DC link capacitor value. 
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Figure 4-5 shows the bipolar DC link voltage and grid voltage with different values of storage 
capacitance for the microinverter prototype when the DC link average voltage is set at +200 V and 
-200 V with a balanced grid voltage of 120 Vrms. Referring to the figure, as the storage capacitance 
decreases, the DC link voltage ripple increases. With 200 V DC link average voltage and a 40 µF 
storage capacitor typically used in a conventional design, 2 V of voltage ripple (peak-to-peak) is 
observed. Note that further reduction of C+DClink can be achieved if the DC link average voltage is 
increased. However, in order to keep the switching losses in the MOSFETs low, it is advantageous 
to select the lowest possible value of DC link average voltage. Similarly, Figure 4-6 shows the DC 
link voltage ripple with an unbalanced grid voltage where phase A is at nominal voltage, phase B 
at -10% of nominal voltage and phase C at +10% of nominal voltage.  
As mentioned earlier, the relationship between the DC link voltage ripple and storage capacitance 
along with the DC link voltage normal operating range is taken into account to determine the 
minimum acceptable value of the storage capacitor. Therefore, equations (4-10), (4-18) and (4-20) 
along with the microinverter operating parameters are used in MATLAB to calculate the minimum 
value of the DC link capacitor. The results show that an 8 µF storage capacitor with 205 V DC 
link average voltage is minimum for the microinverter prototype. A film capacitor greater than or 
equal to the minimum value should be selected. Polypropylene film capacitors in this range of 
values are readily available in the market. 
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Figure 4-5: Bipolar DC link voltage ripple with different storage capacitance in a balanced 
system. 
 
Figure 4-6: Bipolar DC link voltage ripple with different storage capacitance in an unbalanced 
system. 
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Notice that if this voltage ripple is not filtered by the inverter DC link voltage control, it may 
introduce harmonic distortion in the output current injected into the grid. An advanced DC link 
voltage control which is able to address this issue will be presented in the next section. 
4.3 Advanced DC Link Voltage Control 
This section describes the design of an advanced DC link voltage control system which tightly 
regulates the DC link average voltage without being adversely affected by the presence of 
relatively large voltage ripple. This controller is designed to measure the DC link average voltage 
without the need for additional circuit components or digital filters. 
A typical DC link voltage control system is shown in Figure 4-7. The controller senses the DC link 
voltage and compares it with the average voltage reference. The compensator uses the error signal 
to determine the inverter output peak current. A sinusoidal output current which is synchronized 
to the grid voltage using a phase-locked loop (PLL) is generated. In effect, the DC link voltage is 
regulated by adjusting the inverter output peak current. When the input power from the PV panel 
is greater than the average output power injected into the grid, the DC link voltage will increase. 
In order to balance the input PV power with the average output power, the controller increases the 
inverter output peak current. The opposite occurs when the input PV power is less than the average 
output power. 
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Figure 4-7: Typical DC link voltage control system. 
Typical controllers sample the DC link voltage at several kilohertz. Consequently, the voltage 
ripple is included in the sampling causing the error signal to have a harmonic content. If the 
harmonic content in the error signal is left unfiltered, it will cause harmonic distortion in the 
inverter output current injected into the grid. Placing an analog low-pass filter in the DC link 
voltage sense path will reduce the loop bandwidth and result in poor transient response. Digital 
low-pass filters of varying complexity have also been proposed in order to mitigate the harmonic 
content in the error signal [68]-[70]. These filters provide some improvement but are unable to 
eliminate all of the harmonic content. 
If the DC link voltage is sampled at specific predetermined points, an accurate measurement of the 
DC link average voltage can be made with little or no harmonic distortion. Since most inverters 
contain a highly accurate PLL in order to synchronize with the grid voltage, the PLL can also be 
used to control the exact timing of the A/D’s that sample the DC link voltage. A diagram of the 
79 
 
proposed PLL-based DC link voltage control system is shown in Figure 4-8. Since the harmonics 
present in the DC link voltage are phase locked to the grid voltage as shown in Figure 4-5, this 
relationship can be used to accurately predict where the ac component of the ripple voltage 
intersects the DC link average voltage value. If the A/D’s sample at this time, they will be sampling 
the DC link average voltage without any of the distortion found in other DC link voltage regulators.  
 
Figure 4-8: Proposed PLL-based DC link voltage control system. 
This simple and accurate sampling method uses existing controller functional blocks and 
eliminates the need for additional analog and digital filters while minimizing the inverter output 
current distortion. The error signal input to the loop compensator is now a dc value which produces 
a dc peak current reference. This peak current reference multiplied by the PLL generates a pure 
sine wave input to the pulse-width modulation (PWM) block [71]. 
The objective of the DC link voltage controller is to control the average value of the DC link 
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voltage independent of the voltage ripple. Since the DC link voltage control loop is neither linear 
nor time invariant, a direct analysis to find a dynamic model of the control system is highly 
complex. A simple method is to develop a linear and time invariant dynamic model using signals 
that are averaged over half a line cycle [72], [73]. Notice that this averaged model does not contain 
harmonic components. As mentioned earlier, the difference between the input power from the PV 
panel and the inverter average output power injected into the grid determines the DC link voltage 
as defined in (4-21). 
𝑉𝐷𝐶𝑙𝑖𝑛𝑘(𝑡) =
1
𝐶𝐷𝐶𝑙𝑖𝑛𝑘
∫
𝑃𝑖𝑛−𝑃𝑜,𝑎𝑣𝑔.
𝑉𝐷𝐶𝑙𝑖𝑛𝑘
(𝑡)
𝑡
−∞
𝑑𝑡                                          ( 4-21 ) 
Referring to this equation, since VDClink(t) is the controlled variable, the division by VDClink(t) is 
nonlinear. A Taylor approximation can linearize it as follows [73]: 
1
𝑉𝐷𝐶𝑙𝑖𝑛𝑘(𝑡)
≈
1
𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔.
                                                        ( 4-22 ) 
Therefore, the DC link voltage control loop can be illustrated in Figure 4-9. The loop compensator 
generates the inverter output peak current reference which controls the average output power. The 
difference between the input power from the PV panel and the inverter average output power 
injected into the grid divided by the DC link average voltage defines the DC link capacitor current. 
The integral of this current divided by the DC link capacitance determines the DC link average 
voltage. This voltage is then sampled by the A/D synchronized with the PLL and compared with 
the DC link reference voltage. The loop compensator uses the error signal to continually adjust the 
inverter output peak current. Note that a PI controller is used for the loop compensator. 
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Figure 4-9: PLL-based DC link voltage control dynamic model. 
 
4.4 Experimental Results 
The two-stage 400-W three-phase microinverter prototype topology is shown in Figure 4-10. The 
DC/DC stage is a full-bridge LLC resonant converter with a voltage doubler secondary which 
boosts the input PV voltage of 45 V to the DC link voltage of +200 VDC and -200 VDC. As 
minimized in section II, two 8 µF polypropylene film capacitors rated at 300 V are used as the 
storage capacitor in the DC link. The second stage is a three-phase half-bridge inverter with LCL 
filter which is connected to a 120 Vrms, 60 Hz, three-phase output voltage. A STM32F103C8T7 is 
used to control the LLC resonant input stage and a DSPIC33FJ16GS504 is used to control the 
output inverter stage. The microinverter prototype operating parameters are shown in Table 4-1. 
The inverter stage operates in peak current controlled boundary conduction mode (BCM) [56], 
[74] with a switching frequency that varies from 20 kHz to 180 kHz. Zero voltage switching (ZVS) 
is achieved for both upper and lower MOSFETs on each phase. The MPPT function is provided 
by the DC/DC stage control which senses the PV input voltage and current and maximizes the 
input power from the PV source.  
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Figure 4-10: Two-stage three-phase microinverter prototype topology. 
Figure 4-11 shows the microinverter’s DC link voltage and the three-phase output voltage with 40 
µF and 8 µF DC link capacitors operating at 300 W. With 40 µF of DC link capacitance, the peak 
to peak voltage ripple is 2 V which is 1% of the ±200 V DC link. The 8 µF capacitor produces 15 
V peak to peak voltage ripple which is 7.5% of the DC link average voltage of 205 VDC. Using 
the lower value of DC link capacitor results in an approximately one-third size reduction which 
reduces the microinverter cost and improves power density. The relatively high 180-Hz voltage 
ripple present on the DC link capacitor produces negligible self heating due to its inherent low 
ESR compared to that of electrolytic capacitors. In general, film capacitors are more reliable and 
have a longer lifetime than electrolytic capacitors. 
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Table 4-1: Microinverter Prototype Operating Parameters 
PV panel 
 
Grid parameters    
 
  
                                                          
Output power    
Resonant inductance 
Resonant capacitor 
Magnetizing inductance 
DC link capacitor 
 
DC link voltage                                                                  
Primary switches 
Secondary switches 
Rectifier diodes 
Primary controller 
Secondary controller 
Output capacitor                                                                
Inverter main inductor 
Peak power = 400 W, Vmpp = 48.7 V,  
Impp = 8.2 A 
Vgrid (nominal) = 120 Vrms (Line-Neutral) 
                       208 Vrms (Line-Line) 
fgrid (nominal) = 60 Hz 
Po = 130 W (each phase) 
Lr = 1.9 µH 
Cr = 680 nF 
Lm = 10.3 µH 
CDClink = 40 µF polypropylene film 
CDClink(minimized) = 8 µF polypropylene 
film 
VDClink = 400 V (+200V, -200V) 
Fairchild FDB047N10 MOSFET 
Fairchild FCB20N60F MOSFET 
STTH3R06S (D1, D2) 
STM32F103C8T7 
DSPIC33FJ16GS504 
Co = 1µF polypropylene film (each phase) 
L = 270 µH (each phase), peak current= 
4.5 A, Rdc = 85 mΩ, magnetic core 
RM12/N95 ferrite, 
wire: Litz, 60 strands #38, 36.5 turns,  
air gap = 0.86 mm 
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(a) 
 
(b) 
Figure 4-11: Microinverter DC link voltage and three-phase output voltage with (a) 40 µF and 
(b) 8 µF DC link capacitors. 
Figure 12 shows three-phase inverter output current and DC link voltage. Figure 4-12(a) shows 
unstable system dynamic performance that is exhibited when the PI compensator coefficients, KP 
and KI, are intentionally chosen to produce zero-degree open loop phase margin. Since the control 
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loop is unstable, it is continually adjusting the inverter output current in an attempt to reach the 
steady state DC link average voltage. In order to maintain a balanced system and avoid unwanted 
harmonics in the output current waveform, the current in all three phases is adjusted only every 
line cycle. This causes the low frequency anomaly seen in the DC link voltage in Figure 4-12(a). 
Figure 4-12(b) shows stable properly compensated dynamic system operation when the PI 
compensator coefficients are selected to produce 45O open loop phase margin. Notice that the low-
frequency DC link voltage and output current instability of Figure 4-12(a) is eliminated. Inverter 
output current THD with the properly compensated controller was measured at 1.84% which is far 
exceeds the requirements of the IEEE 1457 standard. The proposed controller makes it possible to 
employ the methodology used in section II to minimize the DC link capacitor value by avoiding 
the adverse impacts of the relatively high DC link peak-to-peak voltage ripple. 
Figure 4-13 shows PV input current, inverter output current and DC link voltage with an input 
power step from 260 W to 375 W. With the input power from the PV panel at 260 W, this system 
is in stable operation with the inverter output power equal to the input power and a constant DC 
link average voltage. When the input power steps from 260 W to 375 W, the DC link voltage rises 
due to the positive power imbalance (Pin > Po,avg). The controller senses the increase in the DC link 
voltage and commands a corresponding increase in the inverter output current reference which 
increases the inverter output power to drive the system back to a state of equilibrium. Note that the 
response is relatively fast and smooth with steady state reached after five cycles of the ac line. 
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(a) 
 
(b) 
Figure 4-12: Three-phase inverter output current and DC link voltage in (a) an unstable and (b) a 
stable system. 
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Figure 4-13: Dynamic response to the step change in the input power from 260 W to 375 W 
along with an expanded view. 
Figure 14 shows the system dynamic response when the input power from the PV panel steps from 
375 W to 260 W. In this case, the power imbalance is negative (Pin < Po,avg) which causes the DC 
link voltage to drop. The controller responds by decreasing the current reference and therefore 
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reduces the inverter output power to maintain equilibrium. Once again, the system response is fast 
and smooth with recovery to steady state within three ac line cycles. 
 
 
Figure 4-14: Dynamic response to the step change in the input power from 375 W to 260 W 
along with an expanded view. 
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The microinverter prototype was tested with greater power step changes than might be expected 
in a normal PV operating environment. Notice that in Figures 4-13 and 4-14, an input step change 
of 115 W did not cause the DC link voltage to drop below the output voltage. However, in the 
event of a transient large enough to cause the DC link voltage to drop close to the peak output 
voltage level, the inverter protection will be activated to shut down the PWM until the DC link 
voltage has recovered to its nominal value. The operating headroom included in DC link average 
voltage is designed to accommodate up to a 10% variation in grid voltage. Therefore, a phase 
voltage imbalance less than 10% will not affect the operation of the inverter. Note that a grid-tied 
PV inverter does not experience step load changes because the inverter output current is strictly a 
function of the input power from the PV source. PV inverters are special case and with typically 
low control loop bandwidth due to the fact that changes in output current can only be made at the 
line frequency in order to avoid unwanted harmonics injected into the grid. In addition, the PV 
source power slew rate is relatively low and does not require a high bandwidth control loop [75]. 
4.5 Summary 
Replacing electrolytic capacitors with polypropylene film capacitors increases microinverters 
reliability and lifetime. Since film capacitors are more expensive than electrolytic capacitors, it is 
advantageous to minimize their size. This chapter selects the minimum acceptable DC link 
capacitor value in a three-phase half-bridge microinverter by intentionally increasing voltage 
ripple on the DC link. The relationship between the DC link voltage ripple and storage capacitance 
along with the DC link voltage normal operating range is taken into account to minimize the size 
of the storage capacitor. The voltage ripple present on the DC link film capacitor produces 
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negligible self heating due to its inherent low ESR compared to that of electrolytic capacitors. Note 
that the minimized value of DC link capacitor results in an approximately one-third size reduction 
which reduces the microinverter cost and improves power density. 
As the DC link capacitor value is reduced, the voltage ripple will increase. The voltage ripple 
present on the DC link may introduce harmonic distortion in the inverter output current injected 
into the grid if it is not filtered by the inverter control loop. An advanced DC link voltage control 
is proposed in this chapter to tightly regulate the DC link average voltage without being adversely 
affected by the presence of relatively large voltage ripple. This controller is designed to accurately 
measure the DC link average voltage without the need for additional circuit components or digital 
filters while minimizing the inverter output current harmonic distortion. The experimental results 
on a 400-W three-phase half-bridge microinverter prototype validate both the steady state and 
transient performance of the control system while achieving only 1.84% of THD in the inverter 
output current. This chapter proposes a simple and accurate DC link voltage control method which 
demonstrates that low current THD can be achieved in spite of large values of DC link voltage 
ripple. 
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CHAPTER 5. DC LINK VOLTAGE CONTROL WITH PHASE SKIPPING 
5.1 Introduction 
This chapter investigates selection of the minimum DC link capacitor value for three-phase 
photovoltaic (PV) based microinverters using phase skipping control. This control method 
distributes power on individual phases depending on the available input power from the PV panel 
in order to maximize the output stage efficiency of a three-phase microinverter. Since the 
microinverter operates in single-phase, two-phase or three-phase mode, its DC link capacitor must 
be selected so that the DC link voltage ripple does not exceed the maximum allowable value. This 
chapter determines the minimum acceptable value of the DC link capacitor by allowing the 
maximum voltage ripple on the DC link. This allows for the use of film capacitors instead of 
electrolytic capacitors in order to improve the microinverter reliability. Unfortunately, higher DC 
link voltage ripple introduces harmonic distortion on the inverter output current waveform if it is 
not accounted for by the DC link voltage controller. This chapter proposes two advanced control 
functions to regulate the DC link voltage and implement dynamic phase skipping without using 
any additional circuit components. The DC link voltage controller is synchronized with the phase-
locked loop (PLL) and samples the average value of DC link voltage without introducing unwanted 
harmonics into the voltage sense path. The phase skipping control block uses the calculated output 
power in order to determine how much power is apportioned to each phase so that the output stage 
is always operating at its maximum efficiency. Experimental results are obtained from a 300-W 
three-phase half-bridge microinverter prototype in order to verify operation with the calculated 
minimum DC link capacitor value. The proposed DC link voltage controller is implemented to 
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mitigate the effects of the large DC link voltage ripple. Additionally, a phase skipping management 
function is included in the controller to maximize the inverter stage efficiency at all power levels. 
5.2 Phase Skipping Control 
Depending on the amount of power available, advanced phase-skipping control distributes the 
power to individual phases in order to maximize the output stage efficiency of the three-phase 
micro-inverter. The micro-controller constantly monitors the available input power from the PV 
side MPPT controller [51]. 
In advanced phase-skipping control, there are three modes of operations: normal three-phase 
operation, one-phase skipped and two-phase skipped. When the input power from the PV source 
is above two-thirds of rated power, the controller enables normal three-phase operation. From one-
third of rated power to two-thirds of rated power, the micro-inverter enters into one-phase skipped 
mode. If the power is below one-third of rated power, the micro-controller commands the micro-
inverter to skip two phases. The three-phase micro-inverter operation modes with thresholds are 
shown in Figure 5-1. 
During periods of low irradiance such as when the sun is low on the horizon or affected by overcast 
conditions, the available power is likely to be low. Therefore, the micro-inverter will be operating 
in two-phase skipped mode. Once the available power exceeds the rated power of a single phase, 
another phase is enabled and half of the available power is distributed to each of two phases until 
such time that the available power exceeds the capacity of the two phases, after which the third 
phase is enabled and one third of the available power is distributed to each phase. 
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Figure 5-1: Three-phase micro-inverter operating modes. 
In order to implement advanced phase-skipping control, a minimum of three micro-inverters is 
required so that a balanced three-phase system can be maintained. 
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5.3 Calculation of Minimum DC Link Capacitor Value with Phase Skipping 
Figure 5-2 shows a three-phase half-bridge microinverter topology which uses a bipolar DC link 
(V±DClink) with identical capacitors. Each capacitor is charged by half of DC input power from the 
PV panel and similarly, half of the output power injected into the grid is drawn from each capacitor. 
Due to the symmetrical circuit, the analysis will be performed on only one of the capacitors. Notice 
that during positive half cycles, grid current is predominantly sourced from V+DClink, and during 
negative half cycles, grid current is predominantly drawn from V--DClink. Therefore, 
𝑃𝑜,𝑎𝑣𝑔
+ =
1
𝑇
∫ (𝑃𝑎
+(𝑡) + 𝑃𝑏
+(𝑡) + 𝑃𝑐
+(𝑡))
𝑇
0
𝑑𝑡 = 𝑃𝑖𝑛
+ =
3
2
𝑉𝑚𝐼𝑚
2
                                          ( 5-1 ) 
where, Vm and Im are the peak values of voltage and current for each phase, respectively, P
+
o,avg is 
the inverter average output power sourced by C+DClink capacitor, P
+
in is the half of DC input power 
to charge C+DClink capacitor and P
+
a,b,c(t) is the inverter instantaneous output power for each phase 
during positive half cycles and defined as 
𝑃𝑎,𝑏,𝑐
+ (𝑡) = {
𝑃𝑎,𝑏,𝑐(𝑡),          𝑝𝑜𝑠𝑖𝑡𝑖𝑣𝑒 ℎ𝑎𝑙𝑓 𝑐𝑦𝑐𝑙𝑒𝑠       
0,                       𝑛𝑒𝑔𝑎𝑡𝑖𝑣𝑒 ℎ𝑎𝑙𝑓 𝑐𝑦𝑐𝑙𝑒𝑠     
                          ( 5-2 ) 
 
Figure 5-2: Three-phase half-bridge microinverter with a bipolar DC link. 
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Since the three-phase microinverter can operate in phase skipping mode where one or two phases 
may be skipped depending on the available input PV power, the relationship between the DC link 
voltage ripple and storage capacitor value is determined in single-phase and two-phase modes of 
operation.  
5.3.1 Single-Phase Mode 
Figure 5-3 shows the key waveforms of the microinverter when operating in single-phase mode. 
It can be seen that V+DClink is decreasing when P
+
a(t) > P
+
in during the interval (T/12,5T/12), and 
similarly V+DClink is increasing when P
+
a(t) < P
+
in during intervals (5T/12,T/2), (T/2,T) and 
(T,13T/12). Therefore, the minimum and maximum values of V+DClink (V
+
DClink_min and V
+
DClink_max) 
occur at 5T/12 and T/12, respectively. 
Referring to Figure 5-3, the energy required to discharge C+DClink during the interval (T/12,5T/12) 
can be calculated as 
∆𝐸 = ∫ (𝑃𝑜
+(𝑡) − 𝑃𝑖𝑛
+)
5
𝑇
12
𝑇
12
𝑑𝑡 =
𝑉𝑚𝐼𝑚
2𝜔
(
√3
2
+
𝜋
3
)                                                    ( 5-3 ) 
where, P+o(t) and P
+
in are P
+
a(t) and VmIm/4, respectively, in this interval as shown in Figure 5-3. 
The stored energy in C+DClink can also be calculated as follows: 
∆𝐸 =
1
2
𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+2 − 𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+2 )                                               ( 5-4 ) 
 
 
96 
 
 
Figure 5-3: Key waveforms of the microinverter in single-phase mode. 
Therefore, the relationship between the DC link voltage ripple and storage capacitor value is 
derived from (5-3) and (5-4) as 
𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ =
𝑉𝑚𝐼𝑚
2.𝜔.∆𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ .𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔
+ (
√3
2
+
𝜋
3
)                                            ( 5-5) 
where, ΔV+DClink is the DC link peak-to-peak voltage ripple and V+DClink,avg is the DC link average 
voltage defined as follows: 
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 ∆𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ = 𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+ − 𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+                                                   
𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔
+ ≈
𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+ +𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+
2
                                                      
𝜔 =
2𝜋
𝑇
                                                                                                        
(5-6) 
The DC link instantaneous voltage shown in Figure 5-3 can be derived in (5-7). The detailed 
derivation is given in the Appendix. 
𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ (𝑡) =
 
{
 
 
 
 
 
 
 
 √𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+2 −
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (𝜔𝑡 + (1 −
𝜋
6
) − sin(2𝜔𝑡))                  ,          
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12
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√𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
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𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (−𝜔𝑡 + (
√3
2
+
5𝜋
6
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𝑇
12
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𝑇
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√𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+2 (
𝑇
2
) +
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
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𝑇
2
< 𝑡 <  𝑇 
√𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+2 (𝑇) +
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (−𝜔𝑡 + 2𝜋 + sin(2𝜔𝑡))                           , 𝑇 < 𝑡 <  13
𝑇
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        (5-7) 
5.3.2 Two-Phase Mode 
Figure 5-4 shows the key waveforms of the microinverter when operating in two-phase mode. 
Referring to this figure, V+DClink is decreasing when P
+
a(t)+P
+
b(t) > P
+
in during intervals (T/8,T/3), 
(T/3,T//2) and (T/2,17T/24), and similarly V+DClink is increasing when P
+
a(t)+P
+
b(t) < P
+
in during 
intervals (17T/24,5T/6), (5T/6,T) and (T,9T/8). Therefore, the minimum and maximum values of 
V+DClink occur at 17T/24 and T/8, respectively.  
The energy required to discharge C+DClink during the interval (T/8,17T/24) can be calculated as  
∆𝐸 = ∫ (𝑃𝑜
+(𝑡) − 𝑃𝑖𝑛
+)
17
𝑇
24
𝑇
8
𝑑𝑡 =
𝑉𝑚𝐼𝑚
2𝜔
(1 +
𝜋
3
)                                         ( 5-8 ) 
where, P+o(t) and P
+
in are P
+
a(t)+P
+
b(t) and VmIm/2, respectively. Therefore, the relationship 
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between the DC link voltage ripple and storage capacitor value is derived from (5-8) and (5-4) as 
𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ =
𝑉𝑚𝐼𝑚
2.𝜔.∆𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ .𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔
+ (1 +
𝜋
3
)                                            (5-9) 
 
Figure 5-4: Key waveforms of the microinverter in two-phase mode. 
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The DC link instantaneous voltage shown in Figure 5-4 can be derived in (5-10). 
𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ (𝑡) =
 
{
 
 
 
 
 
 
 
 
 
 
 
 
 
 √𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+2 −
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (1 − sin(2𝜔𝑡))                                                         ,     
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8
< 𝑡 <  
𝑇
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√𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+2 (
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) −
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√3
2
+
4𝜋
3
) − sin(2𝜔𝑡) − sin (2𝜔𝑡 −
4𝜋
3
)) ,
𝑇
3
< 𝑡 <  
𝑇
2
√𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+2 (
𝑇
2
) +
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (sin (2𝜔𝑡 −
4𝜋
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) −
√3
2
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𝑇
24
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+ (1 + sin (2𝜔𝑡 −
4𝜋
3
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𝑇
24
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𝑇
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√𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+2 (5
𝑇
6
) +
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ (2𝜔𝑡 −
10𝜋
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𝑇
6
< 𝑡 <  𝑇
√𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+2 (𝑇) +
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ sin(2𝜔𝑡)                                                          ,               𝑇 < 𝑡 < 9
𝑇
8
  (5-10) 
From the preceding analysis, the DC link capacitor value can be reduced if the maximum allowable 
DC link voltage ripple is realized enabling smaller value film capacitors to be used instead of 
electrolytic capacitors. As can be seen from equations (5-5) and (5-9), two-phase mode produces 
the largest DC link peak-to-peak voltage ripple. Given the fact that two-phase mode has been 
established as the worst case operating mode, equation (5-9) along with the minimum and 
maximum DC link voltage operating limits will be used to determine the minimum acceptable 
value of the DC link capacitor.  
Since the inverter stage normally operates as a buck converter, the DC link voltage must be greater 
than the peak grid voltage plus some operating headroom to allow for transients and variations in 
grid voltage, i.e. 
𝑉𝐷𝐶𝑙𝑖𝑛𝑘
+ (𝑡) ≥ 𝑉𝑚𝑠𝑖𝑛(𝜔𝑡 −
2𝜋
3⁄ ) + ℎ                                                    ( 5-11) 
where, h is the operating headroom. From (5-10) and (5-11), V+DClink_min can be derived in (5-12). 
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From (5-12), a higher grid voltage and a larger C+DClink value produce a higher V
+
DClink_min. 
Similarly, a smaller value of C+DClink will result in a higher DC link maximum voltage 
(V+DClink_max). Therefore, the maximum allowable DC link voltage derived in (5-13) must be taken 
into account when evaluating voltage stress on the microinverter power devices.  
𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑖𝑛
+ ≥ √
𝑉𝑚2
2
−
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ − 𝐴𝑠𝑖𝑛(2𝜔𝑡 −
4𝜋
3
+ 𝛼) + 2ℎ𝑉𝑚𝑠𝑖𝑛(𝜔𝑡 −
2𝜋
3
) + ℎ2 
𝐴 = √(
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ )
2
+ (
𝑉𝑚
2
2
)
2
,   𝛼 = 𝑡𝑎𝑛−1
𝑉𝑚
2
2
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+
                                        ( 5-12) 
𝑉𝐷𝐶𝑙𝑖𝑛𝑘_𝑚𝑎𝑥
+ ≥ √
𝑉𝑚
2
2
+
𝑉𝑚𝐼𝑚
2𝜔𝐶𝐷𝐶𝑙𝑖𝑛𝑘
+ − 𝐴𝑠𝑖𝑛(2𝜔𝑡 + 𝛼) + 2ℎ𝑉𝑚 𝑠𝑖𝑛(𝜔𝑡) + ℎ2                         (5-13) 
As stated previously, the relationship between the DC link voltage ripple and storage capacitor 
value along with the DC link normal operating voltage range is used to calculate the minimum 
acceptable value of the DC link capacitor. Therefore, equations (5-9), (5-12), (5-13) and the 
microinverter operating parameters are input in MATLAB to perform this calculation. 
Figure 5 shows the bipolar DC link voltage and 120 Vrms grid voltage with different values of 
storage capacitance for the microinverter prototype when operating in two-phase mode. Referring 
to the figure, the DC link voltage ripple increases with smaller capacitor values. It should be noted 
that if the DC link average voltage is increased, the minimum value of C+DClink can be reduced. 
However, in order to minimize switching losses in the MOSFETs, the lowest possible value of DC 
link average voltage should be selected. The results calculated in MATLAB show that a 34 µF 
storage capacitor along with 219 V DC link average voltage is optimum for the microinverter 
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prototype. A commonly available polypropylene film capacitor greater than or equal to this 
calculated value will be selected for the prototype. 
 
Figure 5-5: Bipolar DC link voltage ripple with different storage capacitance in two-phase mode. 
Notice that if this relatively large voltage ripple present on the DC link is not attenuated by the 
inverter DC link voltage control loop, it will introduce harmonic distortion in the inverter output 
current injected into the grid. To address this, an advanced DC link voltage control will be 
presented in the next section. 
5.4 Synchronous DC Link Voltage Control with Phase Skipping 
This section introduces two proposed control functional blocks; synchronous DC link voltage 
control and dynamic phase skipping control. The DC link voltage controller tightly regulates the 
102 
 
DC link voltage by precisely measuring the average value of DC link voltage without introducing 
harmonics into the voltage sense path. This control system is able to produce minimum distortion 
in the inverter output current without being adversely affected by the presence of relatively large 
voltage ripple on the DC link. The phase skipping control block uses the calculated output power 
in order to determine how much power is apportioned to each phase so that the output stage is 
always operating at its maximum efficiency. 
Figure 5-6 shows a typical DC link voltage control system. The controller samples the DC link 
voltage and compares it with the desired reference value. The error signal is then used by the 
control loop compensator to determine the inverter output peak current. The controller uses a PLL 
to generate a sinusoidal output current waveform which is synchronized to the grid voltage. The 
control loop regulates the DC link voltage by adjusting the inverter output peak current. When the 
input power from the PV panel is greater than the average output power, the DC link voltage 
increases. Similarly, When the input PV power is less than the average output power injected into 
the grid, the DC link voltage decreases. In an effort to balance the input PV power with the average 
output power, the control loop compensator increases or decreases the inverter output peak current 
as required. 
Since typical controllers sample the DC link voltage at many kilohertz, voltage ripple present on 
the DC link is included in the sampling causing the error signal to have a harmonic content. If the 
harmonics in the error signal are not filtered, distortion will be introduced in the inverter output 
current injected into the grid. An analog low-pass filter placed in the DC link voltage sense path 
will reduce the loop bandwidth resulting in poor transient response. Although various digital low-
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pass filters have also been proposed as a means of reducing harmonic content in the error signal, 
they are unable to eliminate all of the harmonic content. 
 
Figure 5-6: Typical DC link voltage control system. 
By sampling the DC link voltage at specific predetermined points, the DC link average voltage 
can be accurately measured without introducing harmonic distortion. Since a highly accurate PLL 
is used in most inverters in order to synchronize with the grid voltage, it can be used to control the 
sample timing of the A/Ds that measure the DC link voltage. The voltage ripple present on the DC 
link is in phase with the grid voltage as shown in Figure 5-5. This fact can be used to sample the 
DC link voltage where it intersects the DC link average voltage value. By sampling at this time, 
the A/Ds will be measuring the DC link average voltage without the distortion present in other DC 
link voltage regulators. 
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Figure 5-7 shows the proposed PLL-synchronized DC link voltage control system with a phase 
skipping control function. It can be seen from this figure that the proposed DC link voltage 
controller uses existing control functional blocks along with PLL-synchronized A/D sampling 
thereby eliminating the requirement for additional analog or digital filters in the voltage sense path. 
Figure 5-8 shows the proposed PLL-synchronized DC link voltage sampling time. Since the A/Ds 
are now sampling the DC link average voltage, the loop compensator error signal is a dc value 
resulting in a peak current reference that is free of unwanted harmonics. This peak current 
reference is used to generate a pure sine wave input to the pulse-width modulation (PWM) block. 
Note that the inverter current is adjusted only every line cycle in order to avoid unwanted 
harmonics in the output current waveform. This simple and accurate synchronous sampling 
method measures the exact average DC link voltage despite the presence of large voltage ripple 
especially when operating in phase skipping mode. The proposed method makes it possible to 
design the DC link with the minimum acceptable capacitor value. This facilitates the use of low 
value film capacitors which reduces the design cost and improves microinverter reliability and 
power density [76], [77]. 
The phase skipping control block uses the DC link voltage control loop compensator output 
multiplied by the number of phases to calculate the inverter stage output power. The output power 
is then used by the phase skipping management function to determine the number of phases to be 
operated. The phase skipping management function operates all three phases when the output 
power is greater than two-thirds of the inverter stage rated power. When the output power is 
between one-third and two-thirds of rated power, two-phase operation is selected. Similarly, the 
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inverter operates in single-phase mode when the output power is less than or equal to one-third of 
rated power. 
 
Figure 5-7: Proposed PLL-synchronized DC link voltage control system with phase skipping 
control. 
 
Figure 5-8: Proposed PLL-synchronized DC link voltage sampling time in the single-phase 
mode. 
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The DC link voltage control loop average model is shown in Figure 5-9. The average output power 
is determined by the inverter output peak current reference generated by the control loop 
compensator. The DC link capacitor current is defined by the difference between the input PV 
power and average output power divided by the DC link average voltage. The DC link 
instantaneous voltage is equal to the integral of the DC link capacitor current divided by the DC 
link capacitance. The DC link average voltage is then measured by a PLL-synchronized A/D and 
compared with the DC link reference voltage. The resulting error voltage is used by the control 
loop compensator to adjust the inverter output peak current. Notice that the control loop 
compensator uses a PI controller. 
 
Figure 5-9: PLL-synchronized DC link voltage control dynamic model. 
The digital control loop contains computation delay, PWM delay and the sampler which are 
included in Gd(s), respectively, as follows: 
𝐺𝑑(𝑠) = 𝑒
−𝑠𝑇𝑑  .  
1−𝑒−𝑠𝑇𝑠
𝑠
 .  
1
𝑇𝑠
                                                ( 5-14 ) 
where, Td is the period of time between the sampling of the DC link voltage and the update of the 
current reference, and Ts is the sampling period. Since the current regulator operates at hundreds 
of kilohertz and the DC link voltage controller operates at 60 Hz, Gc(s) is assumed to be 1 in the 
control loop. 
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In order to verify the control loop’s transient response, a ramp change in input power is analyzed 
using the input-to-output power transfer function expressed as 
       𝑇(𝑠) =
𝑉𝑚
2𝐶𝐷𝐶𝑙𝑖𝑛𝑘𝑉𝐷𝐶𝑙𝑖𝑛𝑘,𝑎𝑣𝑔.𝑇𝑠
 .  
(𝑘𝑝𝑠+𝑘𝑖)(1−𝑒
−𝑠𝑇𝑠)𝑒−𝑠𝑇𝑑
𝑠3
                          ( 5-15 ) 
Input PV power changes are generally in the form of an ascending or descending ramp with 10% 
to 80% of rated power in three seconds considered to be a fast ramp rate of PV insolation [75]. 
Figure 5-10 shows the response of the closed-loop input-to-output transfer function to a 100 W per 
second ramp change in input PV power which is used to validate the proposed control system 
performance. Note that the 100 W per second ramp used is much greater than the fast ramp 
described in [75]. Referring to the figure, the controller response is fast and the inverter output 
power is able to track the input PV power within four ac line cycles. Notice that kp and ki of the 
compensated loop gain T(s) are 0.005 and 0.116, respectively. The cutoff frequency fc is set at 10 
Hz with a phase margin of 38O. 
 
Figure 5-10: Proposed controller response to a ramp change in input PV power. 
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5.5 Experimental Results 
Figure 5-11 shows the two-stage 300-W three-phase microinverter prototype topology.  The input 
PV voltage of 45 V is boosted to the DC link voltage of +210 VDC and -210 VDC by means of a 
full-bridge LLC resonant step-up converter with a secondary that is configured as a voltage 
doubler. The DC link storage capacitor consists of two 34 µF, 300 V polypropylene film capacitors 
as calculated in section II. The inverter stage is a three-phase half-bridge topology with a LCL 
output filter which is then connected to a 120 Vrms, 60 Hz, three-phase output voltage. The 
microcontroller used to control the LLC resonant step-up converter is a STM32F103C8T7. The 
inverter stage is controlled by a DSPIC33FJ16GS504. The inverter output stage operates in zero 
voltage switching (ZVS) boundary conduction mode (BCM) using peak current control with an 
operating frequency range of 20 kHz to 180 kHz. The DC/DC resonant converter stage includes a 
MPPT function that senses the input PV voltage and current to ensure that maximum power is 
supplied from the PV source. The two proposed control functional blocks are implemented in the 
inverter stage microcontroller to regulate the DC link voltage and determine the number of phases 
to be operated. 
Figure 5-12 shows the microinverter’s DC link voltage and output voltage with 34 µF DC link 
capacitors operating in three-phase, two-phase and single-phase modes. The two-phase mode 
produces the highest peak-to-peak voltage ripple of 87 V on the DC link with average voltage of 
219 V. This figure depicts the DC link voltage ripple in different modes of operation to validate 
the theoretical analysis in section 5.3. 
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Figure 5-11: Two-stage three-phase microinverter prototype topology. 
Figure 5-13 depicts the performance of the proposed DC link voltage control with phase skipping 
operation. Figure 5-13(a) shows the inverter output current and DC link voltage with an input PV 
power step from 180 W (two-phase mode) to 255 W (three-phase mode). Referring to this figure, 
once the third phase is activated, the DC link voltage decreases until the DC link voltage controller 
can respond by reducing the inverter output current thereby returning the DC link average voltage 
to its nominal value. Figure 5-13(b) shows the input PV power step change from 75 W (single-
phase mode) to 140 W (two-phase mode). Referring to figure 5-13, the proposed DC link voltage 
control is able to tightly regulate the inverter output current regardless of high peak-to-peak voltage 
ripple on the DC link. The transition is smooth and without any transients or distortion on the 
inverter output current. Note that the controller response is fast and smooth with recovery to steady 
state in less than four ac line cycles while achieving only 1.6% THD in the inverter output current 
in all three operating modes. This is a significant improvement over the 3.8% THD measured on 
a high-frequency DC link voltage controller with identical loop bandwidth using the same PV 
inverter prototype. 
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(a) 
 
(b) 
 
(c) 
Figure 5-12: Microinverter DC link voltage and output voltage in (a) three-phase mode, (b) two-
phase mode, and (c) single-phase mode. 
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(a) 
 
(b) 
Figure 5-13: Dynamic response to the step change in the input power. 
Notice that THD was measured with a Yokogawa PZ4000 power analyzer. Figure 5-14 shows the 
inverter output current with its harmonic spectrum using the proposed DC link voltage control 
method and a high-frequency DC link voltage control. Note that the inverter is operating in two-
phase mode with 87 V peak-to-peak ripple on the DC link. 
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(a) 
 
(b) 
Figure 5-14: Inverter output current and its harmonic spectrum with, (a) the proposed DC link 
voltage control, (b) a high-frequency DC link voltage control. 
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Figure 5-15(a) shows the measured control error signal using the digital-to-analog converter 
(DAC) on the inverter dsPIC with a high-frequency DC link voltage control. This harmonic content 
on the control error signal introduces harmonic distortion on the inverter output current 
(THD=3.8%). Similarly, the control error signal with the proposed control method is measured 
and shown in Figure 5-15(b). It can be seen that this error signal is now a dc value which 
significantly reduces harmonic distortion on the inverter output current (THD=1.6%). Note that 
the inverter is operating in two-phase mode with 87 V peak-to-peak voltage ripple on the DC link. 
 
(a) 
 
(b) 
Figure 5-15: Control error signal with, (a) a high-frequency DC link voltage control 
(THD=3.8%), (b) the proposed DC link voltage control (THD=1.6%). 
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When the input PV power changes, the DC link voltage controller adjusts the inverter output 
current to maintain the DC link average voltage at its reference value. After ten cycles of DC link 
voltage steady state operation, the phase skipping controller is activated to determine the number 
of phases to be operated based on the new inverter output power calculation. Figure 5-16 shows 
the transition from three-phase operation at 220 W to two-phase operation at 150 W. Although the 
peak-to-peak voltage ripple increases dramatically, the DC link voltage controller returns the DC 
link average voltage to its reference value. In order to avoid the introduction of unwanted 
harmonics, the phase skipping controller is enabled only at zero crossings. This figure shows the 
performance of both the DC link voltage control and phase skipping management in one capture. 
The first step change is the DC link voltage controller response to the PV power dropping from 
220 W to 150 W which results in reduced output current within two line cycles. Once steady state 
has been reached, the phase skipping management control responds to the reduced PV power by 
changing from three-phase operation to two-phase operation at zero crossing. This is the second 
step change showing in the figure. Since one phase is disabled, power is distributed among two 
phases. Therefore, the DC link voltage control has to regulate the inverter output current with the 
presence of high peak-to-peak voltage ripple. This accomplishes within three line cycles. 
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Figure 5-16: Controller performance when PV power changes from 220 W to 150 W. 
5.6 Summary 
This chapter determines the minimum acceptable value of the DC link capacitor by allowing the 
maximum voltage ripple on the DC link in a three-phase half-bridge microinverter with phase 
skipping control where one or two phases may be skipped. However, higher DC link voltage ripple 
introduces harmonic distortion on the inverter output current waveform if it is not attenuated by 
the DC link voltage controller. This chapter proposes a robust and accurate DC link voltage 
controller that tightly regulates the DC link average voltage even during transients while 
minimizing the inverter output current harmonics. The proposed controller is able to accurately 
measure the average DC link voltage regardless of the presence of relatively large voltage ripple 
without the need for additional circuit components or digital filters. The analysis presented in this 
chapter is also applicable to single-phase two-stage inverter topologies. In addition, the phase 
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skipping control is implemented as a part of the DC link voltage controller to provide real time 
optimization of the inverter stage efficiency at all power levels. Experimental results 
demonstrating both the transient and steady state performance of the proposed DC link voltage 
controller and phase skipping control function were obtained from a 300-W three-phase half-
bridge microinverter prototype. Inverter output current THD of 1.6% was achieved over the entire 
operating range of the inverter even though the DC link peak-to-peak voltage ripple reached as 
high as 87 V. 
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CHAPTER 6. CONCLUSIONS AND FUTURE WORK 
6.1 Conclusion 
Among clean energy sources, solar energy has gained considerable attention in recent years. In the 
field of solar energy, PV microinverter architecture is the fastest growing technology due to its 
advantages such as enhanced energy harvesting, high reliability, and simple installation. 
Microinverters can be directly mounted on the back of the PV panels with power level ranging 
from 200 W to 400 W. Emerging trend in power electronics is to increase power density and 
efficiency of the microinverters while reducing cost. Several innovative control techniques have 
been proposed in this dissertation to increase efficiency and power density while reducing cost. 
Dynamic dead time optimization was proposed to minimize MOSFET’s body diode conduction 
time which improves the microinverter efficiency and THD. In chapter three, a dual-zone 
modulation technique was proposed to further improve efficiency. Compared to the other boundary 
conduction mode (BCM) modulation methods, this control technique provides one more soft-
switching transition and lower inductor peak current.  
Replacing electrolytic capacitors with polypropylene film capacitors increases microinverters 
reliability and lifetime. Since film capacitors are more expensive than electrolytic capacitors, it is 
advantageous to minimize their size. Chapter four investigates the minimum acceptable DC link 
capacitor value in a three-phase half-bridge microinverter by intentionally increasing voltage 
ripple on the DC link. The minimized value of DC link capacitor results in an approximately one-
third size reduction which reduces the microinverter cost and improves power density. 
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Chapter four also proposes an advanced DC link voltage control to tightly regulate the DC link 
average voltage without being adversely affected by the presence of relatively large voltage ripple. 
The DC link average voltage is measured accurately without the need for additional circuit 
components or digital filters while minimizing the inverter output current harmonic distortion.  
Chapter five calculates the minimum acceptable value of the DC link capacitor by allowing the 
maximum voltage ripple on the DC link in a three-phase half-bridge microinverter with phase 
skipping control where one or two phases may be skipped. This chapter proposes two advanced 
control functions to regulate the DC link voltage and implement dynamic phase skipping without 
using any additional circuit components. The DC link voltage controller is synchronized with the 
phase-locked loop (PLL) and samples the average value of DC link voltage without introducing 
unwanted harmonics into the voltage sense path. The phase skipping control block uses the 
calculated output power in order to determine how much power is apportioned to each phase so 
that the output stage is always operating at its maximum efficiency. 
6.2 Future Works 
For future work, dynamic dead time optimization technique could be applied to other application 
areas such as power supplies and motor controllers. In addition, advanced phase skipping control 
implementation requires the development of a system-level master controller in order to maintain 
a balanced three-phase system. 
The synchronous DC link voltage control proposed in this dissertation is constrained to grid-tied 
application with unity power factor controlled by the inverter which comprises the vast majority 
of microinverter installations. A nonlinear load may affect the performance of the proposed 
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method in microgrid or other standalone applications. Since the proposed controller is PLL based, 
it requires presence of the grid for proper operation. Therefore, only grid-tied operation was 
considered. In future work, more research can be conducted to improve the proposed control 
method to be applicable to standalone applications. 
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